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Résumé

Nous considérons dans cette thése le probléme de la transmission fiable de données par
paquets en utilisant une transmission mono-porteuse sur des canaux sélectifs en fréquence a
évanouissements. Notre objectif est de concevoir des couples émetteurs-récepteurs permettant
d’améliorer les performances de la détection en I’absence d’information sur le canal & la trans-
mission et ceci en exploitant la diversité temporelle disponible dans le cadre des protocoles de
retransmission hybrides (HARQ).

En analysant les performances du systéme de transmission avec un récepteur & maximum de
vraisemblance, nous établissons un critére pertinent pour I’étude des performances du systéme
basé sur les statistiques de la distance Euclidienne & la sortie du canal sélectif en fréquence. A
partir de ce cadre théorique, nous proposons un nouveau schéma de diversité entre les différentes
retransmissions, nommé précodage de phase, qui permet de combattre I'interférence entre sym-
boles pour les canaux lentement variables dans le temps. Puis, & ’aide de nos outils d’analyse,
nous revisitons un autre schéma de diversité qu’est la diversité d’entrelacement. En particulier,
nous soulignons le double avantage offert par ce schéma, & savoir la diversité de modulation
et la réduction de l'interférence entre symboles. Nous réalisons ensuite une étude comparative
entre les deux schémas de diversité précédents sous traitement itératif ou non itératif au ré-
cepteur. Enfin, nous introduisons un nouveau protocole de retransmission adaptative pour les
transmissions dites multi-couches afin de réduire 'interférence entre couches pour les canaux
rapidement variant dans le temps utilisant des informations de retour limitées.

Abstract

In this thesis, we consider the problem of reliable data packets transmission using single-
carrier signaling over frequency-selective fading channels. Our objective is to design enhanced
transceivers with improved detection performance in the absence of channel state information at
the transmitter by exploiting the available time-diversity in Chase combining Hybrid Automatic
Repeat reQuest (HARQ) protocols.

By analyzing the performance of the transmission scheme using an optimal maximum-
likelihood receiver, we establish a suitable criterion for the study of system performance based
on the statistics of the Euclidean distance at the output of a frequency-selective channel. From
this theoretical framework, we propose a novel transmit-diversity scheme between subsequent
HARQ transmissions, called phase-precoding, which allows the mitigation of intersymbol inter-
ference for slow time-varying channels. Then, with the help of our analytical tools, we revisit
another transmit-diversity scheme which is the bit-interleaving diversity scheme. In particu-
lar, we emphasize the double advantage offered by this diversity scheme including the inherent
modulation diversity in addition to the intersymbol interference reduction. Subsequently, we
perform a comparative study between phase-precoding and bit-interleaving diversity schemes
under iterative and non-iterative receiver structures. Finally, we introduce a new adaptive re-
transmission protocol for a multi-layer transmission scheme for the mitigation of inter-layers
interference for rapidly time-varying channels using limited feedback information.
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(zeneral Introduction

OWADAYS, we are witnessing a significant growth in the use of personal communica-
N tions services, including voice, video, and data transmission. According to the ICT
(International Telecommunication Union), the number of mobile telephone subscribers
around the world had reached 49% of the number of inhabitants at the end of the
year 2007. At the same time, this percentage had even reached 97% in the developed
countries. There is continuous development of portable wireless terminals for various
types of applications such as traditional mobile telephony, wireless Internet, and traffic
information. The demand for high data rate broadband services in cellular and local
area wireless communication systems is increasing steadily. This growing demand is
not only in terms of the number of users, but also in terms of data rate and quality of
service.

Reliable communications through wireless channels are particularly rough due to the
effects of multi-path fading, shadowing, path-loss, noise, etc. In order to combat these
effects, advanced signal processing techniques are required such as transmit diversity
techniques, channel precoding, and equalization. Even though, errors occur in the
received packets due to the unexpected behavior of the communication channel. In
order to protect the transmitted information against errors introduced by the channel,
error correction codes are commonly used in modern communication systems. The
degree of protection provided by the channel code to the useful information depends
on the code type and its coding rate. The quality of the communication link is usually
expressed in terms of bit error rate (BER) or in terms of frame error rate (FER).
Depending on the underlaying application, other performance measures may also be
required such as transmission delay and data throughput.

A need for retransmissions

A major concern in data communication systems is how to control transmission er-
rors caused by the transmission channel. For one-way communication systems, as in
broadcast applications for example, the channel code rate must be suitably chosen to
match the worst channel conditions. The said "worst channel conditions" are to be
determined as function of the error rate which can be tolerated by the underlaying ap-
plication. This results in small throughput efficiency due to the wasted redundancy when
channel conditions are good. For two-way communication systems, Automatic Repeat
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reQuest (ARQ) [1] is another error control method which uses an error detection code
and acknowledgments to achieve reliable data transmission. This method provides bet-
ter throughput efficiency than error correcting codes for good channel conditions, but
for bad channel conditions, the inverse is true. Hybrid ARQ (HARQ) protocols combine
error correction codes and ARQ protocols in order to benefit from the advantages of
both error control methods. In this case, the code rate in the first transmission can be
chosen to match the typical channel conditions while HARQ retransmissions operate
for bad channel realizations. This results in an improved throughput efficiency in the
system. In the case of a decoding failure of the received packet, the receiver discards the
erroneous packet and sends a negative acknowledgment to the transmitter requesting for
a retransmission. This continues until a maximum number of allowable retransmissions
has been achieved. This type of HARQ protocols is called type-I. In type-II HARQ
protocols, the notion of packet combining [2, 3] was introduced. The previous erroneous
receptions of the same packet are stored at the receiver in order to be combined with
the current reception. This increases the probability of correct recovery of the trans-
mitted information message. Type-II HARQ protocols have two main modes: namely
Chase Combining [2] which is based on the retransmission of the same codeword, and
Incremental Redundancy [4] which is based on the retransmission of additional parity
bits. Chase combining HARQ protocols are simple to implement in comparison with
incremental redundancy HARQ protocols. However, they have in general lower perfor-
mance. In this work, we focus on Chase combining HARQ protocols with the goal of
improving their performance while keeping their relative implementation simplicity.

Various transmission systems

An efficient communication system provides the required quality of service using the
minimum of available resources including signal bandwidth (in frequency and time),
power consumption and system cost. FEarly cellular mobile communication systems,
which was commercially launched on the GSM standard in 1991, used narrow-band
single carrier transmission with TDMA /FDM multiplexing for sub-channels. In GSM
systems, GMSK was selected over other modulation schemes for GSM systems as a
compromise between spectral efficiency and spurious emissions. GSM users enjoy data
rates of only 9.6 kbp/s used for short message service (SMS) and Multimedia Message
Service (MMS). In GPRS systems, the data rate was artificially increased up to a
maximum of 114 kbp/s by allocating the eight time slots in GSM systems to one user.
This solution is impractical because only one user at a time can benefit of this improved
data rate. With the increasing demand for high data rate services, an efficient utilization
of the available resources has become of premium importance. Resort has been made
to high order modulations (8-PSK, 16-QAM, 32-QAM) with multiple coding schemes
in Evolved EDGE systems allowing a maximum of 1 Mbit/s and a typical bit-rate of
400 kbit/s. The price for this enhancement is a less immunity to noise.

For higher bandwidth efficiency, MIMO transmission schemes with spatial multiplex-

2
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ing were introduced. However, a more sophisticated signal processing at the receiver
is required in order to remove the resulting spatial interference. Many space-time cod-
ing schemes were proposed which sacrify the bandwidth efficiency in order to remove
inter-channel interference in a simple way as in [5]. The advantage of space-time cod-
ing schemes is a higher degree of transmit diversity. Between spatial multiplexing and
transmit diversity, there is some diversity-multiplexing trade-off [6]. However, space-
time coding schemes are not robust in frequency-selective channels due to the destroyed
orthogonality by the effect of inter-symbol interference.

Inter-symbol interference is a well known problem in digital communication systems
resulting from multi-path propagation and linear filtering at the transmitter and the re-
ceiver. In order to overcome this problem, new forms of data signaling were introduced
such as CDMA and OFDMA signaling which are more robust to inter-symbol interfer-
ence and allow a simple multiuser access scheme. On the other hand, they have their
own problems. For example, wideband CDMA signaling has been adopted in UMTS,
the third generation of mobile cellular systems (3G). In CDMA systems, the signal is
processed at the chip-rate which is much higher than the data rate. This results in
a higher power consumption and a higher components cost. Moreover, the quality of
the communication link depend on network loading due to the problem of inter-user
interference.

In recent years, OFDMA has been considered as a strong candidate for the broadband
air interface for its robustness to multipath fading, higher spectral efficiency and band-
width scalability. It has been selected for WiMAX and 3GPP LTE downlink radio access
technology. On the other hand, the OFDMA waveform exhibits very pronounced enve-
lope fluctuations resulting in a high peak-to-average power ratio (PAPR). Signals with
a high PAPR require highly linear power amplifiers to avoid excessive inter-modulation
distortion. The result is a low power efficiency which places a significant burden on
portable wireless terminals in the uplink direction. Another problem with OFDMA in
cellular uplink transmissions derives from the inevitable offset in frequency references
among the different terminals that transmit simultaneously [7]. Frequency offset de-
stroys the orthogonality between different subcarriers, thus introducing multiple access
interference.

The renewal of single-carrier transmission

OFDMA signaling is suitable for down-link transmissions because power efficiency is
not of major concern at the base station. In order to overcome the disadvantages of
OFDMA signaling for uplink transmissions, a modified form of OFDMA is under inves-
tigation for the 3GPP LTE systems [8], which is referred to as Single Carrier FDMA
(SC-FDMA). As in OFDMA, different users in an SC-FDMA system share M different
orthogonal frequencies (subcarriers) to transmit the information symbols. However, the
N transmitted symbols by one user are not directly mapped to the allocated subcarriers.
Instead, this is the N-DFT points of the modulated symbols which are mapped to the al-
located subcarriers. It was shown in [9] that the received signal after carrier demapping

3
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follows the same model as for a single carrier transmission with a modified channel re-
sponse depending on the subcarriers scheduling strategy. Therefore, SC-FDMA signals
have inherently lower PAPR than OFDMA signals. This reduces the burden of linear
amplification and improves the power efficiency in mobile terminals. There are two
main subcarriers scheduling strategies including localized and distributed subcarriers
mapping schemes. A distributed mapping scheme provides better frequency diversity
and lower PAPR than a localized mapping scheme, but the latter one is less sensitive to
frequency offset [10]. The possible use of TDMA multiplexing is not discarded to resolve
this trade-off problem. However, in cellular systems with severe multipath propagation,
SC-FDMA signals arrive at the base station with substantial inter-symbol interference.
Consequently, equalization techniques must be used at the receiver in order to cancel
this interference.

Since SC-FDMA is a single-carrier system, classical equalization algorithms used in
single carrier systems are applicable. An optimal maximum likelihood (ML) receiver |11,
12] for joint equalization and channel decoding can not be implemented in practical
systems due to its huge complexity. However, near ML-performance can be achieved in
a reasonable complexity using iterative equalization and channel decoding as in turbo-
equalization [13, 14].

A turbo-equalizer uses Soft-input Soft-Output (SISO) modules [15] for its constituent
blocks including equalization, mapping/demapping, and channel decoding. As it will
be seen through this dissertation, the use of SISO equalization is not only fundamental
for turbo-equalization, but also is very useful for packet combining in HARQ protocols.
Actually, the equalization performance can be enhanced even in a non-iterative receiver
by using the available a prior: information from previous transmissions of the same
packet.

Context and objectives

We consider in this thesis a point-to-point data packet communication system with a
feedback channel limited to acknowledgments. The system uses single carrier transmis-
sion with cyclic-prefix insertion over multipath fading frequency-selective channels. The
context of this work is very similar to the context of the 3GPP LTE uplink except that
we consider a single-user system. However, the obtained results can be applied to the
case of multi-user LTE system system due to the complete separation between users
in the frequency-domain. Since the feedback channel is limited, we assume that the
transmitter has no knowledge of channel state information (CSI). The feedback channel
is assumed to be error-free.

Our objective is to perform a cross-layer optimization between the physical layer
and the link layer. At the physical layer, we consider the equalization, while at the link
layer we consider HARQ protocols. More precisely, we investigate the optimization of
the system performance in terms of frame error rate and in terms of data throughput,
taking into account the frequency-selective nature of the propagation channel. The
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error correction code is assumed given and is not subject to our optimization. As it
is previously mentioned, HARQ protocols are the result of combining classical ARQ
protocols with channel coding. On the other hand, turbo-equalization is the result of
combining channel coding with equalization. We search for possible combining between
all of equalization, channel coding, and ARQ protocols in order to improve the overall
system performance in comparison with separate processing of each functional block in
the communication system.

The main questions in this thesis are how to optimize the signal processing in the
physical layer by taking advantage from the inherent time diversity in HARQ protocols?
Inversely, how to modify HARQ protocols in order to improve the performance of detec-
tion in the physical layer? We mainly focus on Chase combining HARQ protocols due
to their low implementation complexity in comparison with incremental redundancy

HARQ protocols.

In order to answer these questions, we start by studying the theoretical performance
of the classical bit-interleaved coded modulation scheme with HARQ retransmissions
over a frequency selective channel assuming an optimal ML receiver in order to deter-
mine the effects of different system parameters on system performance. This leads us
to the study of the statistical characteristics of the Euclidean distance spectrum at the
output of the transmission channel. From this theoretical study, we get some insights
for the optimization of the transmission scheme at the transmitter side. In particular,
we focus on two HARQ transmit-diversity schemes having the advantage of preserving
the PAPR of the transmitted signal. These two schemes are the phase-preceding di-
versity scheme and the bit-interleaving diversity scheme. We analyze and compare the
performance of both diversity schemes in the context of time-varying channels.

The above diversity schemes are particularly useful for slow-time varying channels.
For rapidly time-varying channels, we turn our attention onto a different transmission
scheme which is the multi-layer transmission scheme using superposed coded modula-
tions coding with successive interference cancellation (SIC) receiver. In order to facil-
itate the optimization of HARQ protocols for layered HARQ transmissions, we derive
an equivalent MIMO model for the received signal. Based on this model, we optimize
the power allocation problem at each retransmission. This transmission scheme with
the optimized retransmission protocol can be viewed as a form of adaptive modulation
scheme based on the returned HARQ acknowledgments.

Outline of this thesis

This dissertation is organized in five chapters. We assume that the reader is familiar
with the different types of channel coding such as convolutional codes, turbo-codes and
low density parity check codes.

Chapter 1 is devoted to the presentation of the considered communication system
and some background materials regarding turbo-equalization and packet combining for
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single-carrier transmission over frequency selective channels. After a brief review over
the basic types of HARQ protocols used to ensure data reliability, we present the vari-
ous channel models encountered along this thesis. At the receiver side, we present the
turbo-equalizer structure using two types of equalizers including maximum a posteriors
probability (MAP) [16] and minimum mean square error (MMSE) [17] equalizers. In
particular, we focus on the low complexity MMSE equalizer and we present its im-
plementation in the time-domain as well as in the frequency-domain. We present the
semi-analytical EXIT charts tools which are useful for the study and the comparison of
iterative receivers. After a brief survey of different types of basic Hybrid ARQ proto-
cols, we discuss various packet combining strategies for single-carrier transmission over
a frequency-selective channels. We conclude this chapter by presenting a performance
comparison between different HARQ retransmission protocols.

Chapter 2 establishes the theoretical bases of this thesis. We investigate the per-
formance of the bit interleaved coded modulation system using an optimal maximum-
likelihood receiver in order to determine the limiting performance of any practical re-
ceiver and to get some insights about the design of the system and the effect of different
system parameters such as the channel code, the interleaving length and the channel cor-
relation. To this end, we carry out an error probability analysis which inevitably leads us
to the study of the Euclidean distance spectrum at the output of the frequency-selective
channels. By establishing a suitable formulation for the evaluation of the Euclidean dis-
tance, and based on the uniform interleaver concept, we derive an approximation for
the output Euclidean distance distribution. The approximated distribution is used with
the union bound in order to obtain an upper bound on the FER performance of the
system. This study is performed in the case a static channel as well as in the case of a
time-varying channel with uniform power-delay profile.

In chapter 3, we exploit the results obtained in chapter 2 in order to propose a new
transmit diversity scheme among subsequent HARQ transmissions in chase combining
mode for slowly time-varying channels in the purpose of improving data throughput in
the system. This diversity scheme is called phase-precoding because only the phases of
the transmitted symbols are changed in each retransmission according to some specific
precoding pattern responding to a suitable performance criterion.

In chapter 4, we study another transmit diversity scheme which is the bit-interleaving
diversity. By using an Euclidean distance based analysis, we show the potential of
this diversity scheme for various channel models in comparison with classical HARQ
retransmission protocol using joint equalization. We compare the performance of this
diversity scheme with the performance of the phase-precoding diversity scheme in terms
of the achievable performance and the implementation complexity. We also extend
the usage of the bit-interleaving diversity to MIMO frequency-selective channels. We
emphasize how bit-interleaving exploits the additional space dimension with a suitable
interleaving design.

In chapter 5, we turn our attention to the problem of packet retransmission for
multi-layered transmission which is an efficient transmission scheme in terms of data
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throughput for time-varying channels. Multi-layered transmission can be seen as a
MISO transmission system. Therefore, we establish an equivalent MIMO channel model
for HARQ retransmission system using multi-layered signals. Based on MMSE MIMO
detection with successive decoding, we optimize the linear superposition coefficients at
each HARQ retransmission. Since few layers can be used in practice, we focus on the
practical solutions for the case of two layers.

Finally, we conclude this work by giving some concluding remarks and some possible
perspectives for future research.

Contributions and Publications

We summarize below the main contributions of this work:

e In chapter 2, we propose a new theoretical formulation for the evaluation of the
Euclidean distance at the output of a frequency-selective channels. By using
this formulation, we have given the main statistical properties of the the squared
Euclidean distance at the output of a frequency-selective channel.

e In chapter 3, we propose a novel phase-precoding diversity scheme between sub-
sequent HARQ transmission for intersymbol interference mitigation.

e In chapter 4, we compare the phase-precoding diversity with bit-interleaving di-
versity under iterative and non-iterative receivers.

e In chapter 5, we establish a MIMO model for layered HARQ transmissions in
Chase combining mode. Based on this model, an adaptive HARQ protocol is
proposed.
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Notations

The following notations are used throughout this dissertation:

Variables and scalars are denoted by italics (a, A).

Vectors are denoted by lowercase boldface letters (a).

Matrices are denoted by uppercase boldface letters (A).

An ensemble of elements is represented with calligraphic fonts (A).

Les main used notations are suminarized in the following table:
Operators and functions:

Binary addition

Linear convolution

Hadamard product between vectors and matrices (or element-wise product).
Complex conjugate.

Transpose.

Hermitian transpose.

Real part of the complex argument.

*

B0 O
D

~—

Pr(.)  probability.

E() Statistical expectation.

u(X)  Mean of the random variable X.

0%(X) Squared standard deviation of the random variable X.
X Discrete Fourier transform of x.

Ry(.)  Deterministic auto-correlation function for lag ¢.



Notations

Symbols:

223

)ﬂ \.H"
gﬂ

as

DY IEeENT YO FD

Number of information bits in a packet.
Number of coded bits in a packet.
Number of modulation symbols in a packet.
Index of HARQ (re)transmission.

Index of HARQ (re)transmission.
Signal-to-noise ratio

Channel response.

Coded block.

Transmitted signal.

Forward MMSE filter.

Backward interference cancellation filter.
Received signal.

Gaussian white noise vector.

Error sequence.

Bit-interleaver.

Coding rate.

Error probability.

Pairwise error probability.

Throughput.

Output squared Euclidean distance.

10



Chapter 1

Reliable Communications over
Frequency-Selective Channels

HIS chapter presents the model of the considered communication system for data
T packet transmission over a frequency-selective channel with some background ma-
terials regarding HARQ protocols and detection methods including iterative signal de-
tection and decoding. We pay particular attention to packet combining techniques with
integrated channel equalization.

1.1 Introduction

In high speed data packet transmission systems using single-carrier signaling over fre-
quency-selective fading channels, the received signal is a distorted version of the trans-
mitted signal due to the effects of the communication channel including fading, inter-
symbol interference (ISI), and background noise. The presence of ISI in the received
signal results from multipath propagation or a limited bandwidth of the channel. In
order to recover the transmitted data from the received signal, equalization techniques
and error correcting codes are usually used in modern digital communication systems.
In particular, there is an interest in iterative signal processing methods such as turbo-
equalization which combine equalization and channel decoding in an iterative manner
leading to a remarkable performance gain in comparison with classical methods using
separate equalization an channel decoding. This performance gain of iterative meth-
ods is achieved at the expense of higher computational complexity at the receive end.
However, with the continuous technological advances in terms of processing speed, this
barrier is not of major concerns for future use in practical systems.

Even with a sophisticated receiver, errors may occur in the received data due to
multiple reasons such as an instantaneous high level of noise or the mismatch between
the system-design parameters and the actual channel behavior. Hence the need for
error control techniques in order to ensure the reliability of the received data. The main
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Chapter 1. Reliable Communications over Frequency-Selective Channels

used error control techniques are forward error correction (FEC), and ARQ protocols
for two-way communication links. Hybrid ARQ protocols combine both of these two
methods for better throughput performance.

Basic types of HARQ protocols ensure data reliability through the retransmission of
the same packet after error detection at the receive end thanks to an embedded error
detection code in the transmitted packet. The receiver discards the erroneous received
signal and retries again to decode the transmitted packet from the most recent received
transmission. Most advanced HARQ protocols improve the system performance by in-
corporating packet combining techniques such as signal combining in Chase combining
(CC) HARQ and code combining in incremental redundancy (IR) HARQ. All received
signals concerning the same packet are stored at the receiver memory to be jointly pro-
cessed in order to fully exploit the available information about the transmitted packet.
Therefore, the design of HARQ protocols becomes directly related to the code design
in the case IR-HARQ), while it becomes related to the signal processing in the physical
layer in the case of CC-HARQ. This thesis focuses on signal combining for data trans-
mission over frequency-selective channels in the context of CC-HARQ. The TR-HARQ
and the optimization of code design is out of the scope of this work.

In this chapter, we review the basics HARQ protocols and some packet combining
techniques for single carrier transmission over frequency-selective channels.

1.2 Single-carrier packet transmission

We consider a typical single-carrier communication system over a frequency-selective
channel whose the block diagram is shown in Figure 1.1.

| \
' d | Channel| ¢ I c . 52 |
d; —8 CRC Encoder Interleaver Mapglng > +CP[E
'\ Ky Ny Ny 2 N, |
4
IV N Transmiter e
s h
%( Feedback ISI Channel.
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d; = Check Decoder Deinterleavef Demapping Equalizer I

Receiver

FI1GURE 1.1: System model for single-carrier transmission over a frequency-selective channel.

At the transmitter side, the information data bits to be transmitted are first seg-
mented into blocks of equal lengths. To each data block d; is added a signature sequence
of length L. bits for the purpose of error detection at the receiver. The signature se-
quence is obtained by an error detection code which is traditionally a Cyclic Redundancy
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1.2. Single-carrier packet transmission

Check (CRC) code. The obtained block d containing Kj, bits including the information
bits and the CRC bits, are encoded by a rate-K3 /N, error correction code giving a
codeword ¢ having N, coded bits. The coded bits are interleaved using a bit-interleaver
II. Then, the coded and interleaved bits are mapped into a sequence x of N symbols
using, unless otherwise mentioned, a complex modulation alphabet S of size |S| = 2Q
symbols. For convenience, we assume N, = QN;. Finally, a cyclic-prefix (CP) formed
by the last L., symbols of x is inserted at the beginning of x before being transmitted
through the communication channel.

The communication channel is frequency-selective and modeled by its equivalent
discrete-time finite impulse response (FIR), denoted by h = [hg, - , hr—1], of length L
and assumed constant during one block transmission but it may vary from one block
to the next depending on the considered channel model. In addition, some background
noise is added to the received signal as in all communication systems.

At the receiver side, the CP is first removed from the received signal. The obtained
sequence is first processed by a channel equalizer in order to remove the inter-symbol
interference caused by the frequency-selective channel. Then, the receiver performs
the inverse operations that have been performed at the transmitter including symbol
demapping, bit de-interleaving and channel decoding. The integrity of the decoded
packet d is checked thanks to the CRC signature. In the case of a correct decoding, the
decoded packet is delivered to the front-end application and a positive acknowledgment
signal ACK is returned to the transmitter through the feedback channel. Otherwise, a
negative acknowledgment signal NACK is returned back to the transmitter requesting
for a retransmission.

We give in the following the description of each constituent block of the transmitter
scheme and the general adopted assumptions.

1.2.1 Error detection code

In most of communication systems a systematic CRC code is usually used as an er-
ror detection code. For example, in CCITT (Consultative Committee of International
Telephone and Telegraph) standards, a CRC code with 16 parity bits (Lee = 16) is
adopted. Its generator polynomial is defined by g(D) = D' + D'?2 4 D5 41, where D
stands for bit delay operation.

CRC codes are easy to implement, but it is not easy to evaluate their performance.
However, there are some meaningful measures for the performance of CRC codes, such
as the “burst-error detection capability” and “error-detection coverage.” In general, a
binary CRC code with L. parity bits can detect all burst errors of length L. or less,
and also the fraction 1 — 27 Fere of all the error patterns [18]. Thus, the performance of
CRC codes are mainly determined by L¢p.. The longer L., the better the performance.
For example, the 3GPP standard [19] defines 3 possible CRC lengths which are 8, 16, and
24. The CRC code with L... = 16 can provide adequate detection for most applications.

In this work, we assume a perfect error detection code and the undetected error
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probability is zero. For more details about the performance of binary error detections
codes, the reader may refer for example to [20, 21].

1.2.2 Channel coding

There are many types of error correcting codes which are used in digital communication
systems such as convolutional codes [22], turbo codes [23], and low density parity check
codes (LDPC) [24, 25]. In this thesis, without loss of generality, we present and illustrate
our results using convolutional codes since they are the basic channel coding feature
on modern communication systems. This is mainly due to their low implementation
complexity compared to other types of codes. In addition, the distance spectrum of the
convolutional codes can be computed in straightforward manner which facilitates the
evaluation of the theoretical performance of the communication system (cf. Chapter 2).
However, we show at some particular occasions some numerical results using turbo codes
as well as LDPC codes. The decoder is based on the maximum a posteriori probability
(MAP) criterion and implemented by the forward-backward BCJR algorithm [16]. This
algorithm allows soft-input soft-output (SISO) decoding which necessary for iterative
signal processing as it will be see later in this chapter.

1.2.3 Bit-interleaving

Bit-interleaving is usually used in communication systems in order to locally decorre-
late the coded bits. Thus, the neighboring coded bits in the interleaved block can be
considered as statistically independent. This property enhances the error correction
capability of the channel code. Beside this, bit-interleaving is necessary for iterative
signal detection and decoding methods. The achieved performance gain due to inter-
leaving is called the interleaving-gain. In general, the interleaving gain increases with
the interleaver length, but at the expense of an increased latency, because the entire
interleaved block must be received before it can be processed. In the literature, there
are several types of bit-interleavers. Based on the construction method, they can be
classified in three categories:

e Random interleaver: The interleaved bits are obtained by applying a pseudo-
random permutation on the original bits.

e Semi-random interleaver: A typical example of this type of interleaver is the S-
random interleaver [26] which has one design parameter S called the spreading
factor. It was originally introduced to improve the performance of turbo-codes.
It is defined according to the following rule: Any two adjacent bits in the original
packet are found in the interleaved packet separated from each other by more
than S bit locations. There are some construction algorithms which converge in
a reasonable time if S < y/Np/2, where Nj is the interleaver length as in [27].
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e Deterministic interleaver: the data bit are redistributed according to a determin-
istic permutation function. The uniform interleaver and the quadratic polynomial
interleaver used as the internal interleaver in the 3GPP turbo-code [28] are two
examples of this type of interleavers.

1.2.4 Symbol mapping

The symbol mapper associates to each group of bits (b1, b, - ,bg) a symbol = taken
from the mapping constellation S such as BPSK, QPSK, or QAM constellations. Thanks
to the bit-interleaver, we assume that the coded bits are statistically independent and
consequently, the modulation symbols are have equal probability to be transmitted. In
addition, we assume that the transmitted symbols have a unit average signal power i.e.
E; = E(]z|?) = 1 and a Gray mapping scheme is used through this work.

1.2.5 Cyclic-prefix insertion

The cyclic-prefix insertion provides a guard time between consecutive transmitted blocks
in order to avoid inter-block interference. Therefore, the length of the cyclic-prefix
is chosen, in general, to be equal to the maximum channel delay-spread in terms of
symbol period, i.e L., = L. Consequently, the linear channel convolution can be viewed
as a circular convolution after the removal of the cyclic-prefix. The advantage of the
circular convolution that it becomes a simple multiplication in the frequency-domain by
a discrete Fourier transform (DFT) operation. This allows performing the equalization
in the frequency-domain which has in general less computational complexity compared
to the equalization in the time-domain.

1.3 Hybrid ARQ protocols

Early wired communication systems used ARQ protocols to ensure data reliability for
non-coded packets. Based on retransmission strategies, there are three basic types of
ARQ schemes: stop-and-wait, go-back-N, and selective-repeat.

The stop-and-wait scheme represents the simplest ARQ procedure and was imple-
mented in early error-control systems. In this protocol, the transmitter sends a data
packet to the receiver and waits for an acknowledgment before proceeding with the next
transmission. The receiver responds by a positive acknowledgment signal ACK in the
case of correct CRC check on the received packet. Otherwise, the receiver discards the
erroneous packet and responds by a negative acknowledgment signal NACK requesting
for a retransmission of that packet. The acknowledgment for a packet arrives after a
round-trip delay, defined as the time interval between the transmission of a packet and
the receipt of an acknowledgment for that packet. If an ACK signal has been returned
from the receiver, the transmitter sends the next packet in the queue. Otherwise, the
transmitter resends the same packet in error and waits again for an acknowledgment.
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This operation continues until the correct reception of the packet or a maximum number
of allowable retransmissions Ti,ax has been reached. If a packet is still in error after
Thax trials, an error is declared at the receiver to the upper network layer. This scheme
is simple but inherently inefficient because of the idle time spent waiting for an acknowl-
edgment of each transmitted packet. This is actually a real problem for communication
systems with long round-trip delay such as in deep-space telecommunications. In order
to overcome this problem, Go-Back-NN and selective-repeat ARQ protocols have been
introduced. In these two ARQ) schemes, packets are transmitted continuously. We are
not going to describe these protocols, and the reader may refer to [1] for a detailed
description. We only give some useful remarks concerning their relative performance.
Among these three ARQ protocols, selective-repeat ARQ offers the best throughput
performance as function of the error probability. However, it requires a larger storage
memory at the transmitter and packets ordering at the receiver. It can be viewed as
multiple stop-and-wait ARQ processes running in parallel. Thus, we assume in this
work a stop-and-wait retransmission protocol with zero delay.

After the introduction of error correcting codes in digital communication systems,
the information message including the CRC bits is encoded by a channel encoder giving
a coded packet. Consequently, the CRC check is performed at the receiver after the
decoding of the packet. The modified ARQ protocols by the incorporation of error
correcting codes in this manner are called Hybrid ARQ (HARQ) protocols of type-I.

Type-II. HARQ is an advanced form of HARQ which uses the concept of packet
combining. The rational behind packet combining is as follows: Even if a received
signal has led to a detection failure, it contains, however, some useful information about
the transmitted packet. Therefore, it is stored in the receiver memory to be combined
with other retransmissions which leads to enhanced detection performance. Depending
on the retransmission scheme and the combining method, HARQ protocols of type-II
can be classified into two categories: namely Chase combining (CC-HARQ) which is
based on the retransmission of the same coded packet, and incremental redundancy
(IR-HARQ) mode which is based on the retransmission of additional redundancy bits.
In the following we give a brief description of these HARQ schemes.

1.3.1 Chase combining HARQ

This HARQ scheme takes its name from D. Chase for his published works [2] on the
combining an arbitrary number of noisy packets in a single packet based on a maximum-
likelihood criterion. In Chase combining HARQ), a coded and modulated packet x is
initially transmitted to receiver. The same packet x is retransmitted in response to
a NACK receipt for the previous transmission. The ensemble of received copies of
the same packet are combined at the receiver in a single signal which contains the
accumulated information about the transmitted packet from all received signals.

In order to clarify the combining method, we consider the case of packet transmission
over a flat block-fading channel as shown in Figure 1.2. The received signal at the ¢-th
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F1GURE 1.2: Chase combining HARQ scheme.

transmission can be written as
z®) = h0x + w®) (1.1)

where h(®) is the corresponding complex channel gain, and w(® is the noise vector whose
elements are i.i.d. complex Gaussian random variables with zero mean and variance o2,.
After the T-th HARQ round, the receiver combines the 1" received packets at the symbol
level in a single packet denoted by zr. The combined packet is obtained by weighting

each packet by an estimate of its reliability before being summed with the other packets.
T

zZr = Za(t)z(t) , (1.2)
t=1

where a® is the reliability of each received packet which is given under maximum-
likelihood decoding by

(1.3)

This method of combining is also referred to as the mazimum-ratio combining (MRC).
The MRC method is known to be an optimal combining scheme for independent Gaus-
sian channels. Other sub-optimal combining methods exists with lower complexity com-
pared to MRC combining such as equal-gain combining and selective combining [29].

Actually, MRC combining provides the maximum possible SNR at the output of the
linear combiner [29]. The combined signal can be written as

2
o
t=1 w

T T
RD)2 h1))=
Zmrc(T) = <Z | | ) X+ Z ( 0_2) W(t) (14)
t=1 w

The SNR of the combined signal, denoted by pr, is given by

T T
2,
pT = g ’a|2 = E P(t) (1.5)
t=1 w t=1
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where E, = E(|z,|?) and p® is the instantaneous received SNR at each HARQ trans-
mission. Therefore, CC-HARQ) takes advantage from the accumulated SNRs from the
individual transmissions which improves the decoding performance of the transmitted
packet.

1.3.2 Incremental redundancy HARQ

Incremental redundancy HARQ generalizes the CC-HARQ scheme by considering that
each transmission is a punctured version of a low rate mother code denoted by Cy.

= Py > cV | messagei CRC| parity ]L c
\ e
C3

Co \\\\ P,
N

| message cre| parity

F1GURE 1.3: Incremental redundancy HARQ scheme.

In the IR-HARQ scheme shown in Figure 1.3, the information data packet is first
encoded by a mother code Cy of rate 1y giving the codeword cg. At the first transmission,
only some coded bits of cg are selected according to a predetermined bit-puncturing
pattern P;. The selected bits are grouped in a single block ¢(*) which is modulated and
then transmitted to the receive end. The ensemble of all possible blocks ¢!) defines a
certain code C; having a rate r; > rg. The bit-puncturing pattern P; must be suitably
selected in order to have a decodable code C;. We denote by ¢; = ¢ the transmitted
codeword.

The receiver tries to recover the information data by decoding the mother code from
the received codeword c; after bit de-puncturing. In the case of a decoding failure, a
NACK signal is returned to the transmitter requesting for a retransmission. The trans-
mitter responds by sending a second block ¢(? containing additional coded bits taken
form remaining bits of co which have not been transmitted yet. This time, the receiver
retries to recover the information data by joint decoding of both received blocks ¢! and
c?. The combined codeword ¢y = [cV), ¢()] defines a codeword of a code Cy of a lower
rate ro < r1. This enhances the decoding performance due to the additional coding
gain provided by the lower rate code Co. This continues until the correct decoding of
the information data or the maximum number of transmissions Tiax has been achieved.

Thus, we have C; C Cy C --- C Cr,,,,. € Co which express the rate-compatibility re-
striction between the punctured codes in IR-HARQ protocols. The puncturing patterns

are optimized for convolutional codes in [4], and for turbo-codes in [30]. We illustrate
the IR-HARQ scheme by an example taken from [4].

Example 1. A family of three rate-compatible punctured codes C1, Ca, and Cs are gen-
erated from a rate-1/4 convolutional mother code C'(31,27,35,33)s (in octal notations)
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by applying three bit puncturing patterns of period 4 defined as follows

1111 0000 0000
1000 0111 0000

Pi="10000]" P2~ |1100|" F3= |oo11 (1.6)
0000 0000 1110

where each row in the puncturing matrix is applied periodically to one of the outputs
of the mother encoder. This defines three rate-compatible codes of rates 1y = 4/5,
ro = 4/10, and r3 = 4/15, respectively.

1.3.3 Data throughput

The performance of HARQ protocols are usually expressed in terms of data throughput
which is defined by the average number of correctly received information bits per channel
use (bit/cu). It is given by

~_Qn
- B(T)
where r1 is the coding rate at the first transmission, ) is the number of bits per transmit-
ted symbol, and E(T) is the average delivery delay per packet which can be computed
using the renewal theory |31, 32| as follows. We first define the following probabilities

Th (1.7)

p(T) £ Pr(NACKy, - -- ,NACK7_1, NACKr) (1.8)
q(T) = Pr(NACKy, - -- ,NACKz_1, ACK7) (1.9)

giving respectively, the probability of decoding failure, and the probability of decoding
success at the T-th round. Then, the average delivery delay can be calculated as

Tmax
E(T) =Y Tq(T) (1.10)
T=1

At round Ty, since even in the case of NACK the transmitters moves on to the next

packet, we have
Tmax—l

¢(Ta) =1— > q(T) (1.11)

T=1
We can verify that ¢(T') = p(T' — 1) — p(T') assuming p(0) = 1. By substituting in 1.10,
this yields to

Tmax Tmax—1
ET) =Y pT-1)=1+ Y p(T) (1.12)
T=1 T=1

By substituting this in (1.7), we obtain

_ Qr1
- Tmax_l
1+ 725 p(T)
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Chapter 1. Reliable Communications over Frequency-Selective Channels

Equation 1.13 shows that data throughput is directly related to FER at each HARQ
round. Throughput is sometimes expressed in terms of throughput efficiency which
is the data throughput normalized to the transmission rate in the first transmission
Q@r1 which is the maximum possible throughput. The probability p(Tmax) is called the
dropping rate which is the frame error rate at the last HARQ round.

1.3.4 Performance comparison between CC and IR

From coding viewpoint, CC can be considered as a special case of IR by using a mother
code formed by the concatenation of the channel code with a rate-1/T,ax repetition
code with an appropriate bit puncturing patterns. Consequently, the performance of
the TR are potentially superior to the performance of CC due to the superior coding
gain which can be obtained by using a suitably selected mother code in comparison with
a simple repetition of a higher rate code. However, there is a major difference between
CC and IR from signal processing viewpoint. The difference is that the transmitted
signals in CC are the same in all HARQ transmissions which allows performing packet
combining at the signal level, while this is not possible in IR where the combining is
performed at the bit level by joint decoding after symbol detection and demodulation.

From the information theory point of view, it has been shown in [33] that the gain of
IR over CC using ideal codes increase with the initial coding rate r; for static channels.
For example, for initial coding rate r; = 0.5, IR provides 1 dB of gain over CC. For
block-fading channels, the gain is less important and the performance of both schemes
become almost comparable. Moreover, in some particular situations, CC can even
outperforms IR. This occurs when the first transmitted block ¢V falls in deep fading
and the retransmitted block ¢ is not decodable, even in the best channel conditions.

To overcome this problem, beside the rate compatibility restriction, an additional
constraint on the design of IR codes is added which is the self-decodability of each
transmitted blocks. The IR-HARQ scheme with self-decodable codes are sometimes
referred to as type-111 HARQ [34].

1.4 Channel models

The communication channel must be suitably modeled in order to obtain accurate
estimations of the system performance leading to a proper design of the communication
system. In this thesis, we distinguish between three channel models that are commonly
used in the evaluation of HARQ performance.

1.4.1 Short-term static channel model

In short-term static (STSC) channel model, the channel response remains the same
during the period of one block transmission, but changes independently from one block
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transmission to the next. This model can be found in practice when the coherence time
of the channel is longer than the time period of one block transmission but smaller than
the round-trip delay.

1.4.2 Long-term static channel model

In long-term static channel (LTSC) model, the channel response does not change be-
tween subsequent HARQ transmissions of the same packet and changes independently
from one packet to another. Actually, this model does not rely on a physical or system
justification. Tt is only used for the purpose of evaluating the average system perfor-
mance over all possible channel realizations in slowly time-varying channel conditions
comparing to the round-trip delay.

In practice, channel may change slowly between subsequent transmissions. We model
the channel variations by a first order auto-regressive random process (AR1) with a
correlation coefficient « as

h® = ohD 4 u(t), t=1,-,Tras (1.14)

with h(®) = 0, where a € [0,1] and u® = [u((]t) e ug)_l]T is a vector of length L whose
components are complex-valued ii.d. Gaussian noise with variance /1 —|a|?/L in
order to have unit average channel gain, i.e. E[|[h(?)||?] = 1. The correlation coefficient
« is usually expressed in terms of Doppler frequency according to Jakes’ model [35] as
a = Jo(2m fqr), where Jy(+) is the zero-order Bessel function of the first kind, f; denotes
the maximum Doppler frequency, and 7 is the time delay between two subsequent HARQ
transmissions. The limiting case when a = 0 corresponds to the STSC model, whereas
the case of @ = 1 corresponds to the LTSC model.

1.4.3 Spatial channel model extended

The Spatial Channel Model Extended (SCME) is a model developed by the European
WINNER! project as specified in [36] and its Matlab implementation in [37]. It is an
extension of the implementation of the 3GPP Spatial Channel Model (SCM) [38]. This
channel model is suitable for both short range and wide area communications including
wireless local area network (WLAN), wireless metropolitan area networks (WMAN),
3GPP long term evolution, and Beyond 3G.

In this model, the frequency-selective channel is characterized by six non-zero taps
with varying delays per link with a decreasing power-delay profile. The channel length
L in terms of symbol duration is a random variable and can take large values depending
in the transmission speed. We use this model in some of our simulations in order to
validate our results in more realistic channel conditions.

"Wireless World Initiative New Radio
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Chapter 1. Reliable Communications over Frequency-Selective Channels

Now, we present the receiver structure including a turbo-equalizer for iterative equal-
ization and channel decoding. The resort to turbo-equalization in our study is motivated
by the desire of investigating the performance limits of the system. The case of sepa-
rate equalization and channel decoding is considered as a particular case of this general
receiver structure.

1.5 Turbo-equalization

An optimal ML receiver for joint sequence detection and decoding can not be imple-
mented in practice due to its huge complexity. In a traditional receiver scheme based on
separate equalization and channel decoding scheme, the equalizer does not benefit from
the coded nature of the received sequence. By using an iterative approach for signal
detection and decoding as in a turbo-equalization scheme [13], near ML-performance
can be achieved with reasonable complexity. Turbo-equalization is based on the turbo-
decoding principle of serially concatenated codes by viewing the frequency-selective as
a trellis code of unit-rate in concatenation with the channel code. While it is yielding to
superior performance when compared with separate equalization and channel decoding,
turbo-equalization has the disadvantage of higher computational complexity. However,
we envision that this equalization technique will eventually be implemented in future
communication systems.

The received signal is modeled as

L1
zn:Zhixn_i+wn, n=0,---,Ny—1 (1.15)
i=0

where the signal indexes (n — i) are taken modulo Ny due to the cyclic prefix insertion,
and w,, is an independent additive white complex Gaussian noise with variance o2, (or
02 /2 per real dimension). Figure 1.4 shows the block diagram of the turbo-equalizer.
The equalizer and the channel decoder are connected iteratively by the intermediate of
the interleaver. They exchange soft information about the transmitted coded sequence.
We use the following notations: P(z) for the probability of the symbol z and L(c)
for the log-likelihood ratio (LLR) of the bit ¢. The lower indexes a, p, and e indicate
respectively a priori, a posteriori, and extrinsic probabilities, while the upper indexes

E and D designate equalizer and decoder respectively.

From the received signal z and the available a priori on the transmitted symbols
from the channel decoder at the previous turbo-iteration {PP(z, = z) : z € S,n =
0,---, Ng—1}, the equalizer produces the a posteriori probabilities {Pf(xn) = Pr(z, =
z|z) :x € S;n=0,---,Ng — 1}. The soft-demapper converts these a posteriori prob-
abilities into LLRs for the coded bits Lf(c). Assuming the independence between the
coded bits within each symbol, the soft demapper computes from the symbol prob-
abilities {Pf(:cn)} the LLRs of the corresponding coded bits {cp 1, ,cn ) defined
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Deinterleaver

{Py )} soft | Lp(e) 4 LE(e) 1 L ()
Demappef - MAP
Z —» Equalizer Decoder > d
(S1S0) |{PP(x)}| soft | L2© [ (SISO)
Mapper |

Interleaver
FIGURE 1.4: Turbo-equalizer scheme.

by
Pr(cpq = 0|2)

LE 2]
p (Cn,q) og PI"(Cn,q _ I‘Z)

(1.16)

where Pr(c,, ; = b|z) are computed by using the following marginalization

Pr(cng=blz)= Y  Pr(aaz)= > Pl(xn) (1.17)

Tn€S:cn,q=b Tn€S:icn,q=b

According to the turbo principle, the extrinsic LLRs are computed by Lf (c) =
Lf (¢) — LP(c) to be fed to the channel decoder after de-interleaving. The channel
decoder consists of a MAP decoder which produces the a posteriori LLRs LZ? (c'). The
extrinsic LLRs from the channel decoder are computed as L2 (c’) = LD (/) — LE(c)
to be fed back to the equalizer after interleaving and soft mapping. The soft mapper
computes the symbol probabilities {P”(z, =2):2 € S,;n=0,--- , N, — 1} by

Q
PP (xn) = [ [ Pr(cng) (1.18)
q=1
with
eLeD(Cmq) 1
Pr(cnq=0) = Pr(chg=1) = (1.19)

1+ eLeP(Cmq) ’ 1+ eLeD(Cn,q)

The probabilities P°(z,,) are used by the equalizer as a priori in the next turbo-iteration.
The iteration between the equalizer and the decoder continues until the correct decoding
of the received packet or a maximum number of turbo-iterations has been executed.

We present in the following the description of the SISO equalizer under the MAP
and the MMSE equalization criteria.

1.5.1 MAP equalization
The MAP equalizer employs the Forward-Backward BCJR algorithm [16] which is a

trellis based algorithm that maximizes the a posteriori probability for each transmitted
symbol.
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F1GURE 1.5: Forward-Backward equalization algorithm.

On the trellis representation of the channel, shown in Figure 1.5, each state .S, is
identified by the previous L —1 transmitted symbols (z,—1,- -+ ,zp—r+1). Consequently,
there are 29(L—1) different states. For a given channel state S, = s, the output of the
noiseless channel corresponding to the transmission of a symbol z,, € S is

L-1

V(xp, s) = hox, + Z hiZn_; (1.20)
i=1

The MAP equalizer computes the a posteriori probabilities Pr(z,, = x € S|z), using the
conventions of Figure 1.5, as

Priz, =z €Slz)oc Y an(s) X (s, 8) X Busa(s) (1.21)

(s,8"):xn=x

where
an(s) = Pr(s;z0, -+, 2n—1) (1.22)
ﬁn-ﬁ-l(s/) = Pr(zn+17 T 7ZN371‘8/) (123)
Tn(s,8") = Pr(s’, 2n|s) (1.24)

The variable 7y, (s, s') is the transition probability between two stats S, = s and S, 11 =
s’ at the n-th section of the trellis and given by

Yu(s,8) = Pr(zy|s, s') x Pr(z,) x Pr(z,|zn, s) (1.25)

where Pr(x,|s,s’) = 1 if s and s’ are connected, and zero otherwise. The term Pr(x,,)
is the a priori on z,, and the last term is computed for Gaussian noise by

1
Pr(z |2y, 5) = —5 e P V@n /ol (1.26)

TO,
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1.5. Turbo-equalization

The variables a,(s) and (3,41(s") are computed by the following forward and backward
recursions

g1 (s) = an(s)mm(s, ) (1.27)
ﬁn(s) - Z ﬁn-&-l(sl)'yn(sa S/) (1-28)

MAP equalization provides superior performance compared to other equalization
techniques. However, it has prohibitive complexity when dealing with a high modulation
order or a long channel due to the exponential increase of the number of states versus the
channel length L and the modulation alphabet size. An alternative to MAP equalization
with very lower complexity consists of using linear filtering equalization presented in
the next section.

1.5.2 MMSE equalization

Linear equalization based on the minimum mean square error (MMSE) criterion has
linear complexity with the channel length and practically independent of the modulation
order. The MMSE equalizer can be implemented in the time-domain using finite-length
filters or in the frequency-domain if cyclic-prefix insertion is used. We describe in the
following both of these methods.

1.5.2.1 Time-domain MMSE equalization

The problem of MMSE equalization with priors was addressed by many works, as
in [39, 40|, using different approaches but leading to equivalent results. The structure
of the soft-input soft-output (SISO)MMSE equalizer is shown in Figure 1.6 including
a forward linear filter f and an interference canceler filter b. The forward filter f is
implemented using a finite number of taps Ly = [y +12+ 1, where the parameters [; and
lo specify, respectively, the length of the non-causal and the causal part of the forward
filter.

estimate to

- app | Fa ()
APP D
to estimate|* Py (@n)

FIGURE 1.6: Time-domain SISO MMSE equalizer with interference canceler.
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The linear estimate Z,, of the transmitted symbol x,, is given by
&, =z, — blx, (1.29)

where z, = [zp—1y, " ,anl}T are the required observation samples around the esti-
mated symbol. The vector z,, can be modeled in matrix form by

zn = Hxp + Wy, (1.30)
where
Zp = [zn—lzv to 7zn+l1]T
Xn = [xnfl2*L+17 U 7xn+ll]—r (131)
Wn = [wn—lQ’ toe 7wn+l1]T

and H is the channel matrix of dimensions Ly x (L + L — 1) having the following form

hy 1 -+ hy O - 0
H= | O P ke (1.32)
— S
0 e 0 hp_y - ho

The derivation of the expression of the linear filters that minimize the mean squared
error E[|#, — z,]?] can be found in [40]. We only provide here the solution which is
given by

f = a(c2I+vHHY) 'h (1.33)
b=H"f - u (1.34)
where
u= (01,411 lell]T (1.35)
h = Hu (1.36)
p=1f"n (1.37)
Ns—1

~ Z (lzal?) — |2, (1.38)
E(|z,|?) = Z ]a:|2Pr(xn =) (1.39)

zeS
Tn = E(z,) = Y _ 2 Pr(z, (1.40)
€S
! (1.41)
o= —— .
1+ (1 —v)p/
¢ =hf(c21+vHH?) 'h (1.42)
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The variable v reflects the reliability of the decoder feedback. For a perfect feedback
v = 0, and for no a priori we have v = 1.

The estimated symbol at the output of the equalizer can be modeled by a Gaussian
model as
Ty, = pxn + Mn (1.43)

where 7, is complex Gaussian noise with variance 0727 = p(1 — ). Based on this model,
the output extrinsic a posteriori probabilities (APPs) are then computed

PE(x,) = Pr(z,|X) = Pr(z,|in) = Pr(i,|x,) Pr(z,)/ Pr(i,) (1.44)

where second equality results from the independence of noise 7, and the last equality
comes from the Bayes rule. Thus,

PE(z,) ~ Pr(@n|zn) Pr(z,) (1.45)

The term Pr(x,) is the a priori on z,, and Pr(Z,|z,) an be computed from the noise
distribution as

2
9y

Pr(&,|xn) = knexp(— (1.46)
where k,, 1s a normalization constant chosen to have a true probability mass function,
ie. Y, cgPE(zn) =1 at the output of the estimator.

The complexity of the finite-length MMSE equalizer increases with the length of
the forward filter Ly. Therefore, Ly must be properly chosen as a compromise between
complexity and the performance loss due to the finite-length implementation. In general,
an adequate choice could be L < Ly < 3L.

As an example, we have simulated the FER performance of the transmission over
the Proakis-C channel defined by h = [0.227,0.460,0.688,0.460,0.227]. Simulation
parameters are the following: The packet length is N, = 1024 bits obtained by a
rate-1/2 convolutional code (5,7). We use a pseudo random interleaver and BPSK
modulation. The MMSE filter length is Ly = 15 (Iy = 5, lo = 9). Figure 1.7 shows
the FER performance up to five turbo-iterations for both MAP and MMSE turbo-
equalizers. The performance of the channel code over AWGN are reported on the same
figure as a reference.

We can observe the remarkable gain achieved by turbo-equalization and the superi-
ority of the MAP equalizer where it performs close to the AWGN performance after 5
iterations.

Finally, it is worth to note that the performance of the MMSE turbo-equalizer can
be improved by feeding the a posteriori LLRs from the channel decoder to the MMSE
equalizer instead of the extrinsic LLRs. Actually, as explained in [41], by using the full
available information on the transmitted symbols, the performance of the interference
canceler is improved.
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FER

F1GURE 1.7: Turbo-equalization performance over proakis-C channel using BPSK modulation.
Solid curves for MAP equalization, and dotted curves for MMSE equalization.

1.5.2.2 Frequency-domain MMSE equalization

Thanks to the cyclic prefix insertion, the time domain convolution becomes a simple
multiplication in the frequency domain. Thus, after removing the CP from the received
blocks, a discrete Fourier transform (DFT) is applied on the obtained signal z. The
obtained signal can be modeled in the frequency domain as

z[n| = hin]x[n| + w[n] (1.47)
where the DFT vector of a signal vector x is denoted by x, and x[n] is the n-th element
of the vector x. Based on this model, the MMSE equalization problem reduces in

the frequency-domain to scalar multiplication. The corresponding receiver structure is
shown in Figure 1.8.

Zn —»| DFT |—{ f

estimate to

app | Fa ()

APP
to estimate

<« PP (xn)

FI1GURE 1.8: Frequency-domain SISO MMSE equalizer with interference canceler.

28



1.5. Turbo-equalization

According to this structure, the linear estimate % of x is given in [42] by
x[n] = £*[n] z[n] — b*[n] x[n] (1.48)

In a similar way to the time-domain equalizer, the solution for the linear filters is given
by

hn
fn] = a—aa +1E]I]1[n]|2 (1.49)
b[n] = £[n] hfn] — 4 (1.50)
1
= i (1.51)
w= 04// (1.52)
Ny—1
W= N E o2 + v|h[n]]2 +v|h 12 (1.53)

From the performance viewpoint, the frequency-domain MMSE equalization is equiv-
alent to the time-domain counterpart with Ly = Ns. From the complexity viewpoint,
frequency-domain MMSE implementation requires two initial DF'T operations for the re-
ceived sequence and the channel response and two DFT operations per turbo-iteration.
These DFT operations can be efficiently implemented by using the FFT algorithm.
From the results of [42], the complexity of the time-domain MMSE turbo-equalization
is roughly of the order N(L s+ L) per turbo-iteration, while it is of the order IV, logy (V)
for the frequency-domain MMSE turbo-equalization. This shows clearly the advantage
of the frequency-domain solution when dealing with a long channel response.

1.5.3 EXIT charts analysis

The analytical assessment of the performance of the iterative receivers is difficult in
general. However, the convergence behavior of the turbo-equalizer can be studied using
a semi-analytical tool called extrinsic information transfer (EXIT) charts [43]. EXIT
charts are particularly useful for the prediction of system performance in terms of BER
assuming large interleaving length. In practice, the interleaver has a finite length, and
the system performance in terms of FER can not be predicted using this kind of analysis.
However, EXIT charts analysis give an idea about the asymptotic system performance
which is very useful for the comparison between two different iterative receivers.

The EXIT function for the equalizer is a function which gives the mutual information
with the transmitted data at the output of the equalizer IZ, as a function of the mutual
information at its input I;’ Z The EXIT function for the channel decoder is defined in
a similar way giving I, as function of I2. Practical methods for the computation of
EXIT charts are given in details in the tutorlal paper [44].

In order to show the convergence behavior of the turbo-equalizer through iterations,
the transfer function of the equalizer and the the inverse transfer function of the decoder
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F1GURE 1.9: EXIT charts for MAP and MMSE turbo-equalizers for different SNR, values.

are traced on the same figure. The convergence point is the intersection point between
the two curves. Figure 1.9 shows the Exit charts for both MAP and MMSE turbo-
equalizers for different values of SNR. We can see that the output of the MAP equalizer
has higher reliability than the MMSE equalizer but they converge into the same point
for high a priori. For SNR=4 dB, the convergence point for the MMSE turbo-equalizer
has low reliability than the MAP equalizer. This explains the performance superiority
of the MAP turbo-equalizer. For SNR=7 dB, both MMSE and MAP equalizer converge
to almost the same point. however, the MMSE equalizer need more iterations to reach
the convergence point.

1.6 Packet combining for frequency-selective channels

As it has been noted previously, IR uses code combining which is performed at the bit
level after equalization and symbol demapping. In the context of CC, There is various
methods to perform packet combining. We presents some of these methods which are
different in the position of performing the combining.

1.6.1 Maximum-ratio combining

A simple way for packet combining over frequency selective channel is to equalize each
received packet separately, and then combine the various received copies of the same
packet at the output of the equalizer as shown in Figure 1.10. The combining can be
made either at the symbol level before soft-demapping or at the bit level after soft-
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FI1GURE 1.10: MMSE turbo-equalization with maximum ratio combining.

demapping. Maximum ratio combining at the symbol level requires the knowledge
of the equivalent Gaussian channel model (channel gain and noise variance). This
is actually the case when using MMSE equalization. When we do not have a direct
access to the equivalent Gaussian channel model at the equalizer output as for MAP
equalization, MRC can be performed at the bit level in an approximated way assuming
the independence between the transmitted bits within each symbol. This is performed
by adding the LLRs at the output of the symbol soft-demapper.

1.6.2 Joint equalization

Channel equalization performance can be improved by performing joint equalization [45]
of all received copies of the same packet compared with separate equalization followed by
maximum-ratio-combining [46]. We present now the corresponding equalizer structure
with multiple inputs.

1.6.2.1 Joint MAP equalizer

The Forward-Backward algorithm for MAP equalization can be generalized for the joint
equalization of multiple transmissions [45]. All what we need is to update the transition
probabilities on the trellis at each retransmission of the same packet. This expressed
by the following recursion

Yo (5,8) = yur_1(s,8) x p(z\D |z, = x,5,5)

where .
(T)
p(zq(-LT)|an =, 8/7 5) = 2 €_|Z” _d}(T)(w’S")P/U?”
ToZ
where the upper index (©) refers to the T-th HARQ round. Then the equalizer uses
these transition probabilities in the same way as for a single transmission in order to

estimate the transmitted packet.
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1.6.2.2 Joint MMSE equalizer

The structure of the finite length MMSE equalizer with a priori can be generalized to
the case of multiple inputs as shown in Figure 1.11.

1 + T ;
2 =“4>%>_> S ale Ol PE(z,,)
Z7(L2) — f(2) >
4 b
' 1z APP
(T) " D
s £ a to estimate[* T (n)

FI1GURE 1.11: Time-domain joint SISO MMSE equalizer with interference canceler.

The joint SISO MMSE equalizer includes multiple forward linear filters, denoted as
£ ... £ and an interference canceler filter, denoted by b. The linear estimate &,
of the transmitted symbol z,, after T' transmissions is given by

T
o Z(f(t))Hzg) —blx, (1.54)
t=1

O _ 0 07

where z,,’ = [anly s Zn4y,|  are the observation samples around the estimated sym-
bol. By grouping all received copies of the same packet in a single vector, the problem
of the joint equalization of multiple identical transmissions can be turned back to the
case of a single transmission by considering the equivalent single-input multiple-output
(SIMO) channel model given in matrix form by

zrn = Hrx, +wr,

where
Xp = [Jin—zg—L+17 T ,93n+zl]T
a1 = (A, 20 ) e 2 2T
wr = (), w? o wll)), Sl w7

and Hrp is the TLy x (Ly + L — 1) equivalent channel matrix given by

h;; --- hy O --- 0
: o
0 ... 0 hypq --- hg
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where h; = [V, -« BT

Using this model, the joint equalization can be solved as in the case of a single input
using the equivalent channel matrix. We remark that the size of this matrix increases
steadily with the number of retransmissions resulting in an increased computational
complexity. By contrast, we will see in the next chapter that frequency-domain joint

equalization has too much lower computational complexity requirements.

1.6.3 Numerical results

In order to show the relative performance of CC-HARQ and IR-HARQ protocols over
frequency-selective channels, we consider the following HARQ transmission scenario
with Thax = 3.

For the TIR-HARQ scheme, we consider the rate-compatible family of codes given
in the example of section 1.3.2 with initial rate r; = 4/5. The different rates in this
example were carefully selected in order to have the same block length at each HARQ
transmission. A packet of 960 information bits is encoded leading to 1200 coded bits
at each HARQ transmission. For CC-HARQ scheme, we repeat the same punctured
codeword obtained by C1 which is used at the first transmission of the IR-HARQ scheme.

We assume BPSK modulation over a long-term static channel of length L = 5 with
uniform power-delay profile. Figure 1.12 shows the obtained FER performance for both
protocols under separate MMSE equalization and decoding and with MMSE turbo-
equalization which performs a maximum of five turbo-iterations.

Non iterative receiver using MMSE equalization MMSE Turbo-equalization with 5 iterations
T T T T T T T T

T=1
- © —CC,T=2[]
- B -CC,T=3
—O— IR, T=2

T=1
- © —CC,T=217
- B8 —-CC,T=3
—6— IR, T=2
—&— IR, T=3

25
EJ/N, (dB) EJ/N, (dB)

F1GURE 1.12: Performance comparison between CC-HARQ and IR-HARQ over long-term
static channel with L = 5 and Ty.c = 3.

The FER performance over short-term static channel model are depicted on Figure
1.13. We can observe from Figures 1.12 and 1.13 that depending on the channel model
and the receiver structure, the relative gains of IR over CC are different.

First, we note that IR significantly outperforms CC over long term static channel
especially a non-iterative receiver. This can be justified by a higher coding gain, in
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FIGURE 1.13: Performance comparison between CC-HARQ and IR-HARQ over short-term
static channel with L = 5 and Ty, = 3.

addition to signal diversity in IR HARQ scheme. The achieved gain with IR is less
important for short term static channel especially for a non-iterative receiver because in
the latter case the CC has better detection performance thanks to the joint equalization
with uncorrelated channels in comparison with joint decoding at the bit level. This
compensates a part of the coding gain advantage of the IR.

1.7 Conclusions

We have presented in this chapter an overview over the existing HARQ protocols which
are used to ensure data reliability for data packet communication systems over wireless
channels. On one hand, IR-HARQ protocols provide better performance than CC-
HARQ protocols due to the superior coding gain at the expense of constrained code
design and increased complexity. The obtained gain is particularly important for slow
time-varying channels and decrease with lower initial coding rate. This gain is less
impressive for rapidly time-varying frequency-selective channels. On the other hand,
CC-HARQ protocols are more simple and offer more flexibility for practical implemen-
tation.

We aim to improve the performance of CC-HARQ protocols while keeping their
advantages. To this end, we start by investigating the theoretical performance of the
transmission scheme over frequency-selective channels assuming an optimal maximum-
likelihood receiver in order to determine the effect of different system parameters on the
system performance. This is the subject of the next chapter.
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Chapter 2

Maximum-Likelihood Detection and
Decoding

N this chapter, we study the performance of the bit-interleaved coded modulation
I (BICM) scheme over frequency-selective channels using maximum likelihood (ML)
sequence detection and decoding with perfect channel state information (CSI) at the
receiver. We aim to determine the performance limits for the BICM scheme over
frequency-selective channels with an optimal receiver. This allows us to evaluate how
much the performance of a sub-optimal receiver, in particular a turbo-equalizer, are
far from the optimal performance. In addition, we hope getting some insights into
the improvement of the transmission scheme in the context of Chase combining HARQ
retransmission scheme in order to reduce the performance gap with incremental redun-

dancy HARQ scheme.

2.1 Introduction

The performance of maximum likelihood sequence estimation was first analyzed by For-
ney in [11, 47| for uncoded transmission over static frequency-selective channels. Upper
and lower bounds were derived based on the Euclidean distance spectrum at the output
of the noiseless frequency-selective channel. The Euclidean distance weight enumera-
tors are evaluated using a trellis-based approach to calculate the transfer function of the
channel. However, for a multipath-fading channel, where the channel is time-variant,
trellis-based approaches can not be applied because the transfer function depends on
the particular channel realization.

For bit-interleaved coded transmission, the system performance are usually inves-
tigated under the wniform interleaving assumption which was initially introduced by
Benedetto in [15, 48] for the study of the performance of serially concatenated codes.
This approach has been applied to BICM transmission over a frequency-selective channel
by considering the frequency-selective channel as a rate-1 trellis encoder in concatena-
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tion with the channel code. For example, in [49, 50], the authors have applied this
approach for the simple case of partial response channels.

We derive an upper bound on the FER performance based on the union bound and
the uniform interleaving assumption. The uniform interleaving assumption leads, in
general, to loose bounds on the bit error rate (BER) performance. However, for FER
performance, the obtained bounds are more tight as it will be seen in this chapter. The
main problem which arises from in the evaluation of the union bound is the computation
of the Euclidean distance distribution at the output of the noiseless frequency-selective
channel. We present in this chapter a novel approach for the evaluation of the output
Euclidean distance distribution. We start by developing a general framework for the
evaluation of the output Euclidean distance as a function of the deterministic autocor-
relation functions of the error sequence and channel response. Based on this framework,
we then investigate the statistical properties of the output Euclidean distance distribu-
tion instead of exact enumeration techniques. We apply this framework on static and
time-varying frequency-selective channels yielding to satisfactory performance bounds
especially for time-varying channels. In both cases, an approximation of the output
Euclidean distance distribution is used for the evaluation of an upper bound on the
FER performance. We consider in this study convolutional channel coding. However,
the proposed bound can be applied to any type of binary channel codes with known
distance spectrum.

More important than the upper bounds, is the better understanding of the effect of
different system parameters, such as interleaving, symbol mapping, and channel model,
on the Euclidean distance. We generalize this study for CC-HARQ scheme which in-
troduces for two transmit diversity techniques that will be presented in Chapter 3 and
Chapter 4, respectively. The proofs of lemmas and propositions announced in this
chapter are given in the Appendix.

2.2 Error probability analysis

In a classical BICM transmission scheme as it has been presented in Chapter 1, let ¢ =

[co, - ,ch,ﬂT be the transmitted interleaved binary codeword, and x = [zg,--- ,zn,_1]
be the corresponding modulated sequence. The received signal z = [z, - - - ,st_ﬂT is
given by

z=hxx+w (2.1)
where * denotes the discrete linear convolution, and w = [wo, - - ,wn,_1]" is the noise

vector. In an equivalent manner, the received sequence sample are given by the channel
convolution

L—1
zn:thn,i—i—wn, n=0,---,Ny—1 (2.2)
i=0
The average received SNR is defined by p = f—;
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Given the channel response h, the maximum likelihood receiver estimates the trans-
mitted sequence x by the sequence X taken from the ensemble of all possible interleaved
and modulated codewords, denoted by X, that solves the following minimization prob-
lem

% = argmin ||z — h x x| |2, (2.3)
xeX
The estimated sequence X is then demodulated to obtain the estimated interleaved
codeword ¢ for the transmitted interleaved codeword c.

For a large number of transmitted information bits per packet Kj, the minimization
problem (2.3) can not be solved numerically in practice due to the high cardinality of
X which contains 2% different sequences. In order to evaluate the performance of the
ML receiver analytically, we resort to the union bound technique which is based on the
evaluation of the pairwise error probability and the output distance spectrum.

2.2.1 Pairwise error probability

The ML pairwise error probability (PEP) between two different sequences x and x from
X is the probability that the ML receiver commits an error by selecting X as an estimate
of the transmitted sequence x. We denoted this probability as P»(x, %), which is given
in [11] by

Pax%) = Q (/x.000/2). (2.4)

where Q(x) = é ;OO e=t*/2dt, p is the average received SNR, and d%(x,%) is the

output squared Euclidean distance (OSED) between x and %X at the output of the
noiseless channel and given by

d%(x,%) 2 |h*x% —hxx|* =|h* % —x)| (2.5)
= Hh*eH2 (2.6)
No—1|L—1 2
= > D hiea| (2.7)
n=0 |=0

where we have defined the error sequence e £ x—x. We remark that the OSED does not
depend directly on the x and x. It only depends on the error sequence e between them.
Therefore, the OSED is denoted in the following as a function of the error sequence

dz(e).

In the following, we use the following notations:

e A = d%(x,%) = d%(e) is the OSED between two modulated sequences x and
%. When considering A as a random variable, we denote by ¢ the value of this
random variable.

e € = c @ ¢ is the corresponding binary error codeword.
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e d = dy(e) or equivalently d = dg(e) is the input Hamming weight of the binary
error codeword € which corresponds to e.

In the next section, we give the general expression for the union bound on the FER
performance of the BICM transmission system over a frequency-selective channel.

2.2.2 Union bound

The average error probability over all possible transmitted sequences is upper bounder
by the union bound as,

Pe(p) = Pr(e # 0) < Pub(p) (2.8)
where Py, (p) is given by

Panp) = 5 S 3 Pax®) (2.9)

XEX REX :X#X
1 .
= 3% Y'Y @ < dQE(x,X)p/2> (2.10)
XEX XEX X#X
(2.11)

assuming that all transmitted sequences are equally likely. By regrouping all terms in
the second sum resulting from sequences x at the same Fuclidean distance from x, and
performing the summation with respect to the values 6 of A = d%(x, %), we get

Pan(p) = 5 2 3" 420)@ (V5o/2) (2.12)

xXeX 6>0

where A(§) denotes the number of sequences x at OSED § from x. By changing the
order of summation, we can rewrite (2.12) in a more compact form as

Pan(p) =3 o 3 420 (V5o )2) (2.13)

6>0 xeX
e (\/(5p/2> (2.14)
6>0

where A®"(§) is the weight enumerator at the output of the noiseless channel defined by

A(5) & QiK S Ah(s) (2.15)
xeX

which is the average of AS(§) over all sequences x € X.

The evaluation of the channel output enumerator A%(§) is not a simple task in gen-
eral because of the dependence of AS"(§) on the transmitted sequence. Consequently,
we can not take a particular sequence, such as the all-zero sequence for example, as a
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TABLE 2.1: Example of error sequences with BPSK mapping.

x|+ +1 +1 -1|+1 +1 -1 -1
x(-1 +41 -1 -1]-1 +1 +1 -1
e| 1 0 1 01 0 1 0
e|-2 0 -2 0-2 0 +2 0

reference for the study of system performance as it is the case for binary error correct-
ing codes. Actually, the same binary error word € may correspond to different error
sequences e depending on the transmitted sequence x. Hence, different Euclidean dis-
tances at the output of a frequency-selective channel. We illustrate this by the example
given in Table 2.1 using BPSK mapping. for a BPSK mapping scheme, the non-zero
elements e, of the error sequence take their values from the ensemble {—2, +2} depend-
ing on the transmitted symbols x, in such a way that x 4 e is a valid sequence from
X. For example, if the transmitted symbol is '+1°, the corresponding error elements
can only take the value ’-2’ giving an estimated symbol ’-1’. This means that the error
elements are not independent.

Let £(X) be the ensemble of all possible error sequences between the elements of X,
le.
EX)E{e=%x—x:x,X€ X} (2.16)

The cardinality of £(X) is |E(X)| = 2K x 2K = 22K sequences (not necessarily distinct).
In order to take account for the coded nature of the elements of X, the term A(9)
can be decomposed with respect to the Hamming weight d of the corresponding binary
error words as

ALG) = 3 A(d,0)

dzdmin

(2.17)

where dpin is the free distance of the code and A;h(d, 0) denote the number of error
sequences e € £(X) of Hamming weight d leading to a sequence %X at OSED ¢ from
x. For a given transmitted sequence x, the number of possible error sequences e of
Hamming weight d is given by the Hamming weight enumerator A°(d) of the binary
channel code. The linear property of binary codes ensures that A°(d) is independent of
x. Therefore, we can write (2.17) as

. B o A8 %)
Ah(§) = dg;m A (d)ilci@l) (2.18)
= Y A%d)Pr(A = dJx,d) (2.19)
d>dmin
where A5, %)
Pr(A = §|x,d) = 5467@ (2.20)
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is the conditional probability of error sequences e € £(X) with an OSED 4, having x
and d. Mathematically,

Pr(A = d|x,d) = Pr(e € £(X) : d%(e) = d|x, dp(e) = d) (2.21)

Let £4(x) be the sub-ensemble of £(X) which can be committed on x with Hamming
weight d. The cardinality of £;(x) is |E4(x)| = A°(d). The evaluation of Pr(Alx,d)
is intractable in the general context because the probability space £;(x) depends upon
the mapping scheme, and the positions of error bits which, in turns, depend upon the
error event patterns of the channel code and the used interleaver.

To overcome this problem, we resort to two simplifying assumptions:

A1l: Uniform interleaver: We assume that the interleaver is a uniform interleaver
of length NN} defined as a probabilistic device which maps a given input word of weight
d into all (]\(g’)) distinct permutations of it with equal probability 1/ (Nd”)

The uniform interleaver may be thought of as the average over the ensemble of all
deterministic length-V; interleavers, assuming a uniform distribution. This is not of
major concern for the evaluation of the upper bound, because it can be found, with
a high probability, an interleaver which performs better than the average. The use of
this device has proven to be very valuable in analyzing the average ML performance of
parallel and serial concatenated coding architectures.

This assumption allows to compute Pr(A|x,d) over an extended ensemble which
corresponds to all binary error patterns of Hamming weight d. The extended ensemble
is denoted by £)(x) and contains (]\;”) elements instead of A©)(d) for £;(x). Thus,

ch
Pr(A =dlx,d) = A3 (9)

(%)

where AS(0) is the number of error sequence in &}(x) with an OSED d.

(2.22)

Even though, an additional assumption is need in order remove the dependence on
the transmitted sequence x in the computation of the conditional probability. This is
the second simplifying assumption.

A2: Conditional independence of error symbols: We assume that the non-zero
error elements e,, of e are zero mean random variables which are mutually independent
and identically distributed conditionally to the Hamming weight. Non-zero error ele-
ments take their values from the ensemble ¢ = {e,, = &, — x, : T, Tn € S,y # Tp}
which has 29(29 — 1) elements.

While the first assumption Al overcome the constaint imposed by the deterministic
interleaver, the second assumption A2, in turns, removes any constraint resulting from
the code structure except its weight distribution.
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By substituting (2.19) in (2.15) and invoking that A°(d) is independent of x, we
obtain

AD(5) = QLK S Y A%d) Pr(A = 0], d) (2.23)
xeX d>dmin
=Y AC(d)QiK > Pr(A = 6x,d) (2.24)
d>dmin xeX
= Y A%(d)Pr(A = dld) (2.25)
d>dmin

Then, the problem of finding the output Euclidean distance enumerator A%(§) reduces
to finding the conditional probability

Pr(A = §|d) = Pr(e € & : d%(e) = 9) (2.26)

Under the assumptions Al and A2, the conditional probability Pr(Ald) is calculated
over the extended space &; which contains all possible error sequences of Hamming
weight d even if there is no pair of sequences x and X from the codebook X giving this
error sequence.

The rational behind the assumption A2 is that the conditional probability Pr(A|d)
remaing approximately the same when it is computed over a larger space &; instead of
E4(X) by considering that the elements of £4(X) are randomly distributed over £; due
to the random interleaving assumption. Statistically speaking, £;(X) is a representative
subset of £;. This assumption seems to be more accurate for low value of d or a high-
rate channel code for which the cardinality ratio between the extended space to the
original space |Ey4]/|E4(X)]| is not too high.

Finally, by substitution (2.25) in (2.14), we obtain the expression of the upper bound

Pan(p) =Y | D Ad)Pr(a =dld) | @ (v/30/2) (2.27)

0>0 \d>dmin

In the following, we give some remarks about the evaluation of the code weight enumer-
ator A°(d) before moving in Section 2.3 to the main problem which is the determination
of the conditional probability Pr(A|d) over the extended space of error sequences &,.

2.2.3 Code weight enumerator

The evaluation of the channel code weight enumerator depends on the channel code type
and the packet length Np. Therefore, we present the evaluation of this term for trellis
based codes such convolutional and turbo-codes with known output weight enumerators
of error events, denoted by a(d). For trellis based codes, an error event is an error path
which diverges from the correct path at one trellis section and return later to the correct

41



Chapter 2. Maximum-Likelihood Detection and Decoding

path after multiple sections (see Figure 2.1). The length of the error event L. is given
by the number of trellis sections between the beginning and the end of the error event.
The free distance of the code dpy is the minimum value of d for which a(d) > 0.

1 Noee
e o -~ --0--©--0-- e o
e o ° e o
e o T ° e o
Error event
e o e o o o o o o e o

FIGURE 2.1: Error event in trellis-based codes.

An error sequence can be composed from multiple error events. Therefore, the code
weight enumerator A¢(d) can be computed by enumerating all possible combinations of
error events which requires the knowledge of the output weight-length enumerators of
error events for the considered error correcting code. This is actually a very complicated
task. Since we are looking for an upper bound on the system performance, this task
can be simplified as in [48] by upper bounding A¢(d). The upper bound on A¢(d) is
obtained by considering that the length of any error event is only one section. Under
this assumption, the enumeration of all possible combination of error events is given by

Jmaz
Ad) <> (M) YD aldy) x - xa(dy), (2.28)
j=1

dy, ’dj 2dmin
d1+~-+dj:d

where Ngec is total number of sections in the trellis and jyee = |d/dmin]. This is
actually a loose bound especially for high values of d. However, this can be improved
by considering the particular code structure. For example, using a convolutional code
with & input bits and n output bits at each trellis section, we have Ngec = Kp/k = Np/n,
assumed integer, and the length of an error event of weight dj, is at least juin = [dx/n].

2.3 Output Euclidean distance

In order to evaluate the conditional probability Pr(Ald), we start by rewriting the
expression of the OSED in a more compact and convenient form.

2.3.1 Formulation

The following Lemma gives the main mathematical formulation for the evaluation of
the OSED in this thesis.
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Lemma 1. The OSED between two sequences at the output of noiseless frequency-
selective channels of length L is given by

L-1

Ale)= 3 Rj(h)R(e) (2.29)

=—L+1

where Ry(x) is the periodic autocorrelation function of the sequence x for lag ¢ defined

by
Ns—1

Ry(x) £ ) wnapy, (2.30)
n=0
where Ry(h) is computed by zero padding of h up to length Ns.

Lemma 1 gives the OSED as the sum product between the autocorrelation functions
of the channel and the error sequence. Due to the finite length of the channel L, only the
first L autocorrelation coefficients of the error sequences are involved in the expression
of the OSED.

Note: Lemma 1 is still valid for systems not using cyclic-prefix insertion by considering
the aperiodic autocorrelation instead of the periodic definition.

Now, by separating the central term in the sum (2.29), we can rewrite the OSED as
the sum of two variables as follows:

A(e,h) = T'(e,h) + A(e, h) (2.31)

where we have explicitly shown the dependence on the channel response h for the sake of
generality and future investigation for random channels. The two introduced variables
are defined as follows

I'(e,h) = Ry(h)Ry(e), (2.32)

L—1
A(e,h) 2 2R (Z Rj(h)RAe)) (2.33)
(=1
where R(.) denotes the real part of a complex number. The first term I' is the OSED
over an equivalent ISI-free channel, whereas the second term A includes the effect of ISI
on the Euclidean distance. We see that isolated error elements that are separated by
more than L positions do not contribute to the interference term A. This actually the
rational behind S-random interleavers which eliminate the effect of burst errors up to

length S on the output Euclidean distance for frequency-selective channels.

In order to separate the channel gain effect from the ISI effect on the Euclidean
distance, we rewrite (2.31) as the product of two independent random variables as
follows

d%(e/h) =T'(e,h) x ©(e, h), (2.34)

where

L—-1
Oe,h) 21+ /1}521}3 =1+2R (Z RZ(h)Re(G)) : (2.35)
’ =1
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where Ry(-) denotes the normalized autocorrelation coefficients.

The independence between I and © can be seen intuitively since for a given value of the
error amplitude Ry(e), the variable Rg(e) can take any value depending on the relative
errors locations. The random variable © can be interpreted as an additional fading
factor which quantifies the Euclidean distance fluctuations due to the selectivity of the
channel. The formulation given in (2.34) is useful for the evaluation of the upper bound
for time-varying channel as it will be seen later in this chapter.

Returning to the initial expression of A in (2.29), we see that for a given channel
response, A is a weighted sum of related random variables Ry(e). Therefore, the com-
plete characterization of the output distance distribution over £; requires the knowledge
of the joint probability of the first L autocorrelation coefficients of the error sequence.
Unfortunately, the joint probability density function is difficult to derive analytically in
general [51]. Consequently, for instance the distribution of A can only be analytically
assessed through an approximation. However, exact expressions for the main statisti-
cal characteristics of A including the mean and the variance, can be derived. These
statistics are useful for the derivation of an approximated expression for the Euclidean
distance distribution. Moreover, they provides a comprehensive indicator about the
effect of system parameters on the Euclidean distance.

2.3.2 Main statistics of the output Euclidean distance
In order to compute the main statistics of A, we first need the statistics of the autocor-
relation coefficients Ry(e) which are announced by the following proposition.

Proposition 1 (Statistics of Ry(e)). Ower the probability space £, the mean of the
random variable Ry(e) is given by

Ngpg  if £ =10,
R = 2.36
ulBele)) {o fO<(<L-1. (2.36)
and the variance is given by
N, Ng(Ns —1)o2 — N2pu3 if £ =0,
2 (Ryfe)) = 4 ok TN Joo = Nows if (2.37)
Nso0o if0< < L-—1.
where
Npy 1 < N
o2 E(len?) = () D (2) (352 ma(k) (2:38)
k=1
A < N,
pa 2 Eleal) = (57) D2 (F) (450 malk) (2.39)
k=1
Nyy—1 < N,
022 Ellen Plens?) = () D0 () (D) (55 2F,) ma(ky)ma (k2) (2.40)
oy
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where ma(k) = E(|en|?|dy(en) = k) and my(k) = E(len|*|dr(en) = k) are the condi-
tional moments of error elements which can be both computed directly from the mapping
scheme.

In the following example, we evaluate these results for the case of BPSK modulation.

Example 2. For the BPSK mapping scheme & = {—1,+1} and @ = 1, we have
Ng = Ny, mg =4, and my = 16. The expressions for ps, 4, and oo simplify as follows

d
=4— 2.41
A (2.41)
d
pa = 16+ (2.42)
d(d—1)
02 =16 2.43
? Ny(Np — 1) (243
Substituting these values in (2.36) and (2.37), we obtain
4d if £=0
Ry(e)) = ’ 2.44
ulRe(e)) {0 if0</<L—1 (2.44)
and the variance is given by
0 ifl=0
2 3
Ry(e)) = 2.45
7 (Bele)) {16%‘1111) ifO<(<L-—1 (245)

We note that the out of phases autocorrelation coefficients (¢ # 0) of error sequences
have the same mean and variance. Therefore, we can expect that they are identically
distributed but, of course, not independent. Indeed, the autocorrelation Ry(e) are
identically distributed under uniform interleaving because for any value of Ry, (e), there
is an interleaver 7 which can be applied on e such that Ry, (7(e)) takes the same value
and this is for any for any fo £ /1.

An important statistical property of the autocorrelation coefficients of the error se-
quence which derives from the uniform interleaving and the independence between error
sequences assumptions is the pairwise decorrelation which simplifies the derivation of
the statistics of the OSED. This is shown by the following proposition

Proposition 2 (Decorrelation of Ry(e)). The ensemble of random variables {Ry(e) :
£=0,---,L—1} are pairwise uncorrelated; i.e. E(Ry, (e)Rj,(e)) =0 for {1 # ls.

Now we are ready to announce the main statistics of the OSED which follows imme-
diately from the results of Propositions 1 and 2.

Proposition 3 (Statistics of A). For a given channel response h, the main statistics
of the OSED are given by
#(A) = Ro(h)u(Rofe)) (2.46)
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FI1GURE 2.2: Error sequence statistics mq and my for different modulation schemes with Gray
mapping.

0*(A) = |Ro(h)[*o*(Ro(e +/~’~Z\Re )|*0*(Ry(e)) (2.47)

where Kk = 2 for complex symmetrical modulation (real and imaginary parts have the
same statistics), and k = 4 for real modulation and real channel response h. The values
of u(Ro(e)) and o*(Ry(e)) are given by Proposition 1.

Example 3. Again, for BPSK modulation, the evaluation of the mean and the variance
of the OSED using the results of Proposition 1 and Proposition 3 leads to

#(A) = 4dRo(h) = 4d||* (2.48)
L—-1
o} (A) = 6461](\762:11) ; |Ry(h)? (2.49)

We remark that the variance of A is proportional to 1/Np which explains the interleaving
role in the reduction of the Euclidean distance fluctuation over a frequency selective
channel. For a fixed value of d, the variance o?(A) tends to zero when Np tends to the
infinity. This explains the convergence of the ML performance to the AWGN case as it
was already shown in [52] under an iterative detection and decoding approach.

The term ZZL;ll |R¢(h)|? gives the effect of the frequency selectivity on the fluctuation
of the Euclidean distance. It can be expressed in the frequency-domain using Parseval’s
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theorem as
L—1 =
DR = = (1B = pllh|) (2:50)
(=1 S n=0

27
where h, = fo;al hke_Vskn is the DFT of the channel response over N, points, and

w(|h,|?) = N% fo;al |h,,|?. This the mean squared fluctuations of the squared channel
response around the mean value in the frequency-domain. Obviously, for a flat channel,

it is equal to zero.

After the determination of the main statistics of A, we look for the definition domain
for the values of A and in particular the minimum output Euclidean distance. For
simplicity, we assume in the following of this chapter a BPSK modulation with real
channel response.

2.3.3 Minimum output Euclidean distance

Since the autocorrelation coefficients Ry(e) take discrete values depending on the used
modulation and the packet length Ny, the OSED takes also discrete values because
the OSED is a linear function of the error autocorrelation coefficients. The minimum
output Euclidean distance is a performance parameter which determines the asymptotic
system performance for high SNR. For a given channel response, the minimum distance
can be found by from the transfer function of the channel which determine the output
weight distribution as in [11, 53]. Here, we propose an alternative approach based on
the minimization of the determinant of the autocorrelation matrix of the error sequence
assuming large sequence length Nj.

Let Re = (Rp, -+ ,Rr—1) denotes the L-uple vector formed by the first L auto-
correlation coefficients. It is shown in [54] that attainable autocorrelation values for
large block size lay within a convex region, denoted by Vg, which can be determined by
noticing that the autocorrelation matrix My, defined by

Ry Ry -+ Rp
M = }?1 Ro (2.51)
o
*L—l .. R{ RO

is a positive-definite matrix, i.e. det(Mp) > 0. Mathematically, Vg is defined by
Vi £ {R. € RE : det(My) > 0}. (2.52)

For finite block length Ny, the region Vg is reduced as shown in [55].

The minimum free Kuclidean distance at the output of the channel can be found by
solving a minimization problem under constraints. Minimizing the OSED over valid
autocorrelation values (Vi) gives the minimum Euclidean distance d,,;,. Because the
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F1GURE 2.3: The region Vi of attainable values for Ry and R,.

Euclidean distance is a linear function of the autocorrelation coefficients, the minimum
will be achieved at some point on the boundary region of valid autocorrelation values.
The convexity of Vi ensure the convergence of the minimization algorithm to the actual
minimum free distance of the channel.

We show this by an example. The channel response of the Proakis-B channel is
h = (0.408,0.817,0.408) of length L = 3. The autocorrelation coefficients for positive
lags are Ro(h) = 1, Ri(h) = 0.666 and Ry(h) = 0.166. Then, the output Euclidean
distance an be evaluated from (2.29) as,

A = Ry + 1.33R; + 0.33R,. (2.53)

The determinant of the autocorrelation matrix, expressed in terms of the normalized
autocorrelation coefficients Ry, and it is given by

det(Msz) = R3(1 — Ro)(1 + Ry — 2RY). (2.54)

The boundary region can be found by solving det(M3) = 0 which yields to following
solution

Ry=2R} -1, or Ry =1. (2.55)

Figure 2.3 shows the corresponding boundary region.
Minimizing the Euclidean distance in (2.53) over all valid autocorrelation values with
the constraints in (2.55) leads to the following solution

Ry = —4(d—1) and Ry = 4(d — 2) (2.56)

for which we have §,,;, = 2.66 for any value of d. This minimum value is attained
by any error sequence with consecutive error elements of alternating signs. This value
determines the error floor on the FER performance in the system.
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2.4 Performance over a static channel

As mentioned before, the determination of the Euclidean distance distribution requires
the knowledge of the joint probability of autocorrelation coefficients. Let P;(Re) be this
joint probability of the autocorrelation vector Re conditionally to the error Hamming
weight d. Then, the conditional probability for the OSED can be calculated as

Pr(A=6ld)= >  PuiRe) (2.57)
Re€Vi:d2 =6

Since the joint probability is difficult to be calculated, we resort to bounding techniques
on the joint probability. The joint probability P;(Re) can be upper bounded by Fréchet
bound [56] given by the minimum of all marginal probabilities of auto-correlation coef-
ficients.

P;i(Re) < min{Pr(Ry), -+ ,Pr(Rr—1)}, (2.58)

for Re € Vg and zero otherwise. This bound is the best known bound on the joint
probability if no other information is available about the joint probability.

The following proposition gives the marginal distribution for BPSK modulation.

Proposition 4. For BPSK modulation, the marginal probability mass function (pmf)
of the autocorrelation coefficients of the error sequences of Hamming weight d is given

by
Pr(Ry(e) = 4k) = (Nbl_l) S 9~ (d; 1) (ﬁfj) (S‘Sk) (2.59)

s=|k| 2

For simple ISI channels with only two non-zero tap coeflicients, as it is the case for
some partial response channels, h = (h,0,---,0,hr_1) for some L > 1 only a single
autocorrelation Ry_1 will be implied in the evaluation of the Euclidean distance. In
this case, the corresponding marginal probability mass function, denoted by Pr(R_1),
determines the output Euclidean distance distribution of the channel. With this, we
find the same results given in [49, 57| for the distance distribution of 2-taps channels
with slight difference related to the cyclic prefix insertion.

By substituting the upper bound (2.58) in (2.57), we obtain an upper bound on the
Euclidean distance distribution. Using the result on the expression of the union bound
in from (2.27) we obtain the upper bound on the FER performance. In Figure 2.4, we
show the computed upper bound for the Proakis-B channel. On the same figure, we
traced the lower bound on code FER performance over AWGN channel given by

Pint(p) = Q ( dminp/ 2) (2.60)

which is also a lower bound on the coded system over any ISI channel. We compare
obtained bounds to the simulated performance using a MAP turbo-equalizer with 5
turbo-iterations. The gap between the two bounds at medium SNR is about 1 dB, and
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FI1GURE 2.4: Bounds on FER performance for Proakis-B channel.

the upper bound diverges for at high SNR values. This is actually due to the loose
bound on the joint probability. Further investigations for additional information about
joint probability may result in a tighter upper bound. This remain an open problem
for future research.

2.5 Performance over a time-varying channel

In this section, we consider the case of data transmission over a time-varying chan-
nel with uniform power-delay profile where the channel change independently from one
transmission to the next. We aim to evaluate the upper bound on average FER per-
formance over all possible channel realizations assuming BPSK modulation and a real
channel response.

In order to determine the average Euclidean distance distribution, we consider the
expression (2.34) for the OSED. Since the OSED is the product of two independent
random variables I and ©, we determine the distribution of A by finding the distribution
of each variable. For BPSK modulation, we have I' = 4d||h||?>. The squared channel
gain ||h||? follows a Gamma distribution with shape parameter o = L/2 and scale
parameter 3 = 2/L. Its probability density function (pdf) is given by

fr(y) = mf@w-le-’”ﬁ, (2.61)
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FIGURE 2.5: Distribution of the interference random variable © for L = 5, N, = 256, and
different values for d.

with mean and variance given by

2

p(Ro(h) = aff =1, o*(Ro(h)) = af = = (2.62)

Now, the problem is the determination of the distribution of © which can be only
assessed through an approximation. The first step in investigating the distribution of
© is to determine its support. For normalized channel gain (||h||?> = 1), it is shown in
[58] that the OSED is lower bounded by a certain minimum value d0y,;, which depends
on the channel length whatever was the channel response. This gives a lower bound on
the interference variable © > 6,5, = dmin/4d.

Additional information about the shape of the distribution of © can be obtained by
noticing that © = 1 for all error sequences with isolated error elements separated by
at least L positions regardless of the channel response, that is because Ry(e) (£ > 0)
are identically zeros for these sequences. The probability of such sequences, denoted
by P., forms a lower bound on the conditional probability Pr(© = 1|d). We obtain by
combinatorial enumerations the value of P, is given by

Pr(© = 1|d) > P, — (Nb — _dl)(L - ”)/(]Zb). (2.63)

which is a decreasing function of d. Numerically, for N, = 256 and L = 5 we find
p, = 0.97, 0.72, 0.21 for d = 2, 5, 10, respectively.

We approximate the distribution of the remaining error sequences by a truncated
Gaussian distribution for © > i with the variance o%g; = 0%(0)/(1 — P,). Finally,
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we deduce the conditional pdf of ©:

1-P,
V 2707

where P is a normalization factor due to the Gaussian truncation, and g(x) is defined
as g(x) = 1 for z = 0, and g(xz) = 0 otherwise. Figure 2.5 shows the curve fgo(0)d6
for df = 0.01 compared with the simulated pdf over 10° error sequences and random
channels with L = 5 for different values of d. From [58] (Table I), we have dpin = 0.2679
for an error sequence of weight d = 2, which yields to Oy, = 0.134. We observe that our
approximation is very close to the actual distribution for low values of d. For high error
weights, the tail of the actual distribution decreases more slowly than the Gaussian tail
and presents a slight asymmetry around the average. Using this approximation, we can
now evaluate the upper bound on FER given in (2.27).

fo(0) = Py e~ (0-1)%/205,) | P.g(0 — 1),

The upper bound can be rewritten using the new variables 6 and ~ as follows,

Paste) = [ [ 32 4@ (V2dr0) fa6) 1,00 (2.64)
v /0 d

Because of the convexity of error function Q(.), performing summation over d and
limiting the obtained error probability by 1 before integration over channel statistics
leads to a tight upper bound as noted by Malkamaki and Leib in [59]. Therefore, we
evaluate the upper bound in two steps. First, we evaluate the average error probability
over interference statistics for a fixed fading level as function of the instantaneous SNR

o=,
Prsi(p / (Z A°(d t/ 4) ) Q ( 2,0’t> dt, (2.65)

where the change of variable t = df was used. Then we average obtained error proba-
bility over fading statistics after limiting error probability by 1 as follows

(o] /
-Psub(p) = /0 min {1’ PISI(p/)} de,

Figure 2.6 shows the obtained upper bound for a rate 1/2 recursive, systematic
convolutional (RSC) code with generator polynomial (1,5/7)s in octal notation. The
frame length is IV, = 1204 and the channel length is L = 5. Simulation results were
obtained using a MAP turbo-equalizer after 5 iterations. The lower bound on FER
shown in the same figure is the corresponding lower bound for a fading channel without
ISI. We remark the obtained upper bound is within only 1 dB from the lower bound
over all SNR range.
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FIGURE 2.6: Upper and lower bounds on FER performance over random frequency-selective
channel with L =5, and N, = 1024.

2.6 Euclidean distance for multiple HARQ transmissions

For multiple HARQ transmissions of the same packet, the OSED is accumulated. After
the T-th HARQ transmission, the total OSED, denoted by Ar, is given by

T T L—-1
Ap=> AD=3" 3" R;(h")R(e) (2.66)

t=1 t=1 ¢=—L+1

By interchanging the summation order, we get

L—1 T L—1
Ar= " Re) (Z Rz‘(h“))) = > Ri(e)ry (2.67)
f=—L+1 t=1 f=—L+1
where we have defined .
Qre 2> R;j(h") (2.68)
t=1

which gives the accumulated channel autocorrelations over T' transmissions. This can
be expressed, as in the case of a single transmission, as the sum of two variables

Apr =T7r+ Ar (2.69)

where
I'r = Ro(e)Qrp (2.70)
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L—-1
Ap = 2R (Z Rg(e)QT’g> (2.71)

(=1

The obtained results for single transmission can be applied here by considering the
equivalent channel autocorrelation €27, which reflects the channel diversity on the Eu-
clidean distance. For the long-term static channel model where the channel change
independently between transmissions, the relative impact of the interference term Ap
in comparison with the gain term I'r becomes smaller while T increases due to the
destructive effect of the summation over independent channel realization. For the long-
term static channel model where h(T) = h(1) £ h, for 1 < T < Tax, We obtain

Ap =T x AW (2.72)

which reflects the accumulated SNR gain but the relative impact of the interference
remains the same as for a single transmission. Since the error sequence and the chan-
nel have a symmetrical effects on the Euclidean distance, this suggests introducing
some transmit-diversity among subsequent HARQ transmissions in order to improve
the system performance for slowly time-varying channels. Chapter 3 introduce a simple
diversity scheme which compensate for the absence of channel diversity.

2.7 Conclusions

We presented in this chapter a new approach to evaluate the output Euclidean distance
for a general frequency-selective channel. We have determined the main statistical
characteristics of the output Euclidean distance including the mean and the variance.
We investigated the system performance by the evaluation of the union bound based on
the approximation of the Euclidean distance distribution at the output of the channel
for static and random channels. For random channels, the average distance distribution
can be well approximated by a truncated Gaussian distribution. The extension of this
study to the CC-HARQ retransmissions is straightforward by considering the equivalent
channel autocorrelation.

The complete characterization of the joint probability of the autocorrelation coef-
ficients is still an open problem which need more investigation for better performance
bound for static frequency-selective channels.

The results presented in this chapter have led to the following publications:

1. A. Assimi, C. Poulliat, and I. Fijalkow, “Distance distribution for turbo-equalized systems
over static frequency-selective channels,” in IEEE Int. Conf. Acoust. Speech Signal
Process. (ICASSP), Las Vegas, USA, March 2008, pp. 2949-2952.

2. A. Assimi, C. Poulliat, and I. Fijalkow, “Performance analysis of turbo-equalized systems

over frequency-selective block-fading channels,” in Eur. Signal Process. Conf.(EUSIPCO),
Lausanne, Switzerland, August 2008.
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3. A. Assimi, C. Poulliat, and I. Fijalkow, “ARQ-hybride avec turbo-égalisation sur les
canaux sélectifs en fréquence & évanouissements par bloc,” in Groupe de recherche et
d’études du traitement du signal et des images (GRETSI), Troyes, France, September
2007, pp. 1145-1148.

In the next chapter, we propose a retransmission diversity scheme in order to im-
prove HARQ performance for long-term static frequency-selective channels based on the
Euclidean distance analysis developed in this chapter.
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Chapter 3

Phase-Precoding Transmit Diversity

N this chapter, we present a simple and effective precoding technique to mitigate
I inter-symbol interference from multiple transmissions of the same packet in HARQ
protocols over slowly time-varying frequency-selective channels. This technique can be
used to compensate for poor channel diversity by modifying the signal form at each
HARQ retransmission in such way that the channel appears to the receiver as time-
variant which enhances the system performance.

3.1 Introduction

In order to combat the negative effects of the ISI on the performance of the communica-
tion system, advanced signal processing techniques have been introduced. When chan-
nel state information (CSI) is available at the transmitter, precoding (pre-equalization)
techniques [60, 61] can be used in order to transform the ISI channel into an ISI-free
channel. While in the absence of CSI at the transmitter, equalization techniques are
usually used at the receiver to mitigate ISI from the received signal.

In the context of Chase combining HARQ protocol, channel equalization performance
can be improved by performing joint equalization of all received copies of the same
packet [45] compared with separate equalization followed by maximum-ratio-combining.
When no channel diversity is available, as in long-term static channels for example, only
an accumulated signal to noise ratio (SNR) gain can be expected after joint equalization.
However, system performance can be improved by introducing some transmission diver-
sity among subsequent HARQ transmissions. For example, a mapping diversity scheme
was proposed in [62] to increase the Euclidean distance separation between transmit-
ted packets. The drawback of this method is to be limited to high order modulations.
Moreover, the optimized mapping depends on many parameters including the actual
SNR and the variance of the log-likelihood ratios of the previously decoded packets.
These parameters must be fed back to the transmitter resulting in an increased load on
the feedback channel and additional memory requirements to store the optimized map-
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pings for quantized values of these parameters. Another transmission diversity scheme
is proposed in [63] using a different linear filter-based precoder for each transmission
assuming that CSI is known by the transmitter.

In this chapter, we present a novel diversity scheme based on phase-precoding to
combat the ISI in Chase combining HARQ protocols by changing the phases of the
transmitted symbols at each HARQ transmission. An important key feature of this
technique is that no CSI knowledge is assumed at the transmitter. We derive a perfor-
mance criterion on the selection of precoding phases for an optimal maximum likelihood
(ML) receiver. However, for a sub-optimal receiver, the obtained precoding gain in sys-
tem performance is even more impressive. To exploit the introduced phase-precoding
diversity, we present a low complexity joint soft-input soft-output (SISO) equalizer
based on linear filtering under MMSE criterion. The SISO MMSE equalizer can be
used in an iterative turbo-equalization scheme in order to approaches the performance
of the optimal maximum likelihood receiver. However, we show that the performance
gain due to the proposed phase-precoding diversity is even better for a linear receiver
with separate equalization and decoding.

The main advantages of the proposed precoding technique are summarized by the
following points:

No CSI is required at the transmitter;

It can be applied for any modulation order;

It can be applied for coded or non-coded systems;

It preserves power characteristics of the modulated signal;

It provides a substantial performance gain without significant additional complex-
ity.

This chapter is organized as follows. In Section 3.2, we introduce the system model
and the proposed phase-precoding technique. In Section 3.3, we carry out an Fuclidean
distance analysis in order to define a suitable performance criterion for the selection
of the precoding phases, and we present the proposed solution. In Section 3.5, we
present the receiver structure using low complexity MMSE equalization that exploits
the introduced phase-precoding diversity. In Section 3.6, we give some simulation results
showing the efficiency of the proposed precoding technique.

3.2 Phase-precoded HARQ System

We consider the model of the communication system with retransmission diversity
shown in Figure 3.1.
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F1GURE 3.1: Phase-precoded HARQ system model.

A packet of K}, information bits d = (d; - - - di,) are encoded by a rate-Kj/Nj, error
correction code to obtain a codeword ¢ = (¢ - - - ¢y, ) of N}, coded bits. After a pseudo-
random interleaver II, the encoded bits are mapped into a sequence of symbols x =
(x1---zn,) (QNs = Np) using a complex modulation alphabet S of size [S| =
symbols with average power Es assuming that all symbols are transmitted with equal
probability. In each HARQ) transmission, the same modulated symbol z,, is multiplied
by a complex-valued precoding coefficient of unit amplitude an’ = ej¢>§f) to obtain
the precoded symbol y,(f) = a,(f )a:n, where t is the index of the HARQ transmission.
The precoded symbols yfl) are then transmitted through a frequency-selective channel
modeled by its equivalent complex-valued discrete-time finite impulse response of length

L, denoted by h() = (hg) e hgll) and assumed constant during each transmission but
it may slightly vary from one HARQ transmission to the next.

(t)

The received sequence samples z,’ corresponding to the ¢-th HARQ transmission
are modeled as

Zh ynl ﬁl),n:O,---,Ns—l,

(t)

where wy,’ is a complex Gaussian noise with variance o2 /2 per real dimension. At
the receiver, we consider a joint detection and decoding scheme assuming perfect CSI.
At the current HARQ round T, the receiver estimates the transmitted packet from all
received precoded versions of the modulated sequence x. If the packet is still in error
after a maximum number T, of allowable transmissions, an error is declared and the
packet is dropped out from the transmission buffer.

(t)

The first question we address is how to select the precoding coefficients ay,’ in order
to reduce the effect of the ISI on the frame error rate (FER) performance assuming
that the channel does not change between subsequent HAR(Q) transmissions. This is the
subject of Section 3.3.
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3.3 Euclidean distance analysis

In order to find out the best precoding coefficients, we carry out an Euclidean distance
analysis assuming a joint ML receiver. From this analysis, we derive a performance
criterion suitable for the choice of the precoding coefficients.

Let x and x be the transmitted and the estimated sequence, respectively. Let y(®
and y® be the corresponding precoded sequences at the ¢-th transmission. We define
the following useful error sequences e 2 % — x and e) 2 y() — y®)  After T HARQ
transmissions, the Euclidean distance separation between x and X at the output of
noiseless ISI channel is evaluated as follows

T T Ne—1|L—1 2
Ar=30a0 =3 37 S0 (1)
t=1 t=1 n=0 |i=
with e( ) = Aﬁf) — yg ) = an ) en. We can rewrite d2E as the sum of two terms as follows
Ap =Tp + Ar, (3.2)
with
T
Ty £ Ri(hY)Ro(e®), (3.3)
t=1

T L-1
Ap 2 2R (ZZR h®)Ry( <>)> (3.4)

t=1 (=1

Providing that |a£f)| = 1, we have Ryo(é®) = Ry(e) which means that phase-
precoding does not change the squared amplitude of the error sequence. Hence the
variable I'r is invariant by phase-precoding. Consequently, phase-precoding does not
change system performance over ISI-free channels. By contrast, the interference term
A7 depends on the precoding coefficients through the autocorrelation function of the
precoded error sequence R;(6®). In order to minimize the effects of the IS on the
FER performance, we intend to minimize the interference variable Ap with respect to
the precoding coefficients in the mean squared error sense. In other words, we minimize
the variance of A for all error sequences leading to a fixed Euclidean distance over
an ISI-free channel. To simplify our analysis, we consider the case of long-term quasi-
static channels and we generalize our results to slowly time-varying channels through
numerical simulations.

3.3.1 Performance criterion

In this section we derive a performance criterion for the selection of precoding coeffi-
cients. The performance criterion is based on the minimization of the variance of the
output squared Euclidean distance.
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In long-term quasi-static channel model, the channel does not change between sub-
sequent HARQ transmissions of the same packet (h() = ... = h(¥) £ h), but may
change from packet to packet [32]. In this case, equation (3.4) reduces to

L-1
Ap = 2R (Z Rz(h)zm> , (3.5)

(=1
with
T Ns—1
Sre 2 Re@Y) = Y Cr(n, O)egente, (3.6)
t=1 n=0
where
T
CT(TL,E) £ ag,naT,nJrf = Z(ag))*aSiev (37)
t=1
which is the cross-correlation between the precoding vectors aﬁf) and agr)e where aﬁf) £
[a,(ll) aq(qT)]T denotes the vector obtained by regrouping the precoding coefficients of

the same symbol z, during the first T" transmissions.

The main idea behind the proposed phase-precoding is to exploit the time diversity
in order to separate different interfering paths by orthogonalization of adjacent symbols
(within the channel memory L). The interference between L adjacent symbols can be
assimilated to the interference between L users in a multiple access system. We can
separate different symbols by allocating to each symbol a different orthogonal spreading
code in the retransmission dimension. For complete interference mitigation, the code
length (here the number of transmissions T') must be at least equal to L. In this particu-
lar case, a simple matched filter receiver can efficiently separate different paths without
the need for equalization. However, allocating shorter spreading codes would reduce the
interference level seen by each symbol. From the Euclidean distance point of view, two
valid transmitted sequences having a low Euclidean distance in one transmission are
remapped in the next transmission into two sequences with a high Euclidean distance,
and vice-versa, in such a way that the overall Euclidean distance after combining is
close to its value for an equivalent ISI-free channel. Mathematically, this is expressed
by reduced variations of the interference term A7 in the Euclidean distance.

3.3.2 Cost function

We derive here an objective function on the precoding solution based on an upper bound
on the variance of the interference variable Ar.

To continue our analysis, let £, be the ensemble of all error sequences e between pairs
of non-precoded packets separated by a given squared Euclidean distance v = ||e||?.
We assume that the components of the error sequence e, are modeled as complex-
valued i.i.d. random variables with zero mean. This assumption is obviously verified
for non-coded systems. For coded systems, the i.i.d. property is approximately verified

61



Chapter 3. Phase-Precoding Transmit Diversity

thanks to the uniform interleaver. Under this assumption, the interference term Ap
is considered as a random variable over £, with zero mean. In order to determine an
objective criterion on the choice of the precoding coefficients, we derive an upper bound
on the variance of Ap. Then, we minimize the obtained upper bound with respect to the
precoding coefficients. The squared value of Ap is upper bounded, using the inequality
R(z)® < [2]?, as

2

A% <4 : (3.8)

L—1
> Ri(0)Sre
=1

with equality for a real modulation alphabet and a real channel response. Under the
iid. assumption for error components, it can be easily shown from (3.6) that the
random variables {37, : £ = 1,---,L — 1} are pairwise uncorrelated. By developing
the squared sum on the right-hand side of (3.8) and taking the expectation of both sides

over &£, we obtain
L—1

E(A7) <4 |Re(n)PE(IZ7), (3.9)
(=1

where the expectation E(|ZT75|2) can be evaluated from (3.6) as

Ns—1
E(Sr?) = Y |Cr(n, OPE(leentel?). (3.10)

n=0

Note that the expectation F(|efe,¢|?) is the variance of the product of two i.i.d. ran-
dom variables with zero mean. Let o2 denotes the common variance of e,,. Consequently,
we have E(|e}en1¢|?) = o which is independent of n and £, and therefore can be moved
out of the sum in (3.10) as follows

E([Srl?) = 0o Ure(A), (3.11)

where A denotes the T ax X N precoding matrix whose n-th column is the precoding
vector ar,,. n, and

Ns—1
Ure(A) £ D |[Cr(n, 0P, (3.12)
n=0
is the total squared cross-correlations between all precoding vectors separated by /¢
positions. By substituting (3.11) in (3.9), we obtain

L—-1
E(A7) <407 |Re(h)*Ur(A), (3.13)
/=1

which is a weighted sum of the auto-correlation function of the channel indicating that
the precoding vectors must be locally uncorrelated within the channel memory L, espe-
cially for lags with high channel auto-correlation. Since no CSI is assumed in this work,
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we separate the effect of the precoding matrix by applying Cauchy-Schwartz inequality
on the right-hand side of (3.13) to obtain an upper bound on the variance of A7 as

1/2 14 1/2
E(A%) < 402 <Z|Rg ) (Z\IJ%Z(A)) . (3.14)
(=1

That is only the last term in the upper bound (3.14) which depends on the precoding
coefficients. Therefore, the minimization of the upper bound with respect to precoding
coefficients is equivalent to the minimization of the following cost function

L1 1/2
= <Z sz?T’g(A)> : (3.15)
/=1

Since the cost function is based on an upper bound on the variance of Ap, an optimal
solution that minimizes the cost function does not necessarily minimize the variance
for a given channel response. However, a variance reduction can be expected regardless
of the channel realization. In the next section, we present some possible sub-optimal
solutions for phase-precoding.

3.4 Precoding solution

Minimizing the cost function for a given value of T is a difficult multidimensional op-
timization problem due to the inter-dependency between the total cross-correlation
variables Wr,. However, some general properties of the optimal solution are found by
inspecting the minimum achievable value for the cost function. In fact, applying Cauchy-

Schwartz inequality for sums of squares of real numbers (Zi\i 1 bl-) <N Zf\; b2 on

the expression of the cost function in (3.15) gives

Sr(A
Ir(A) = L= Y w4y 2 S (3.16)
14 L—1
with equality if and only if Up1(A) = -+ = Urr_1(A). Consequently, an ideal

solution is a precoding matrix A which jointly verifies the two following properties:

1. Minimal total cross-correlation Sp(A): This property ensures a maximum pre-
coding gain in average for channels with uniform power-delay profile.

2. Uniform distribution for W7 ,(A) over lags: This property ensures that some
precoding gain can be obtained for any particular channel realization.

Another difficulty arises from the fact that an optimal precoding solution which simul-
taneously minimizes the cost function for all T" < Tiax may not exist. In this case,
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Chapter 3. Phase-Precoding Transmit Diversity

some minimization strategy has to be considered. For a particular choice of precoding
coefficients, we consider the normalized value of the cost function by its value for the
non-precoded system, denoted by G, as an indicator factor of the goodness of this
choice. Hence

Gr(A) = Jr(A)/Jr(1), (3.17)

where 1 is the Tiax X Ng matrix with all its elements are 1. The indicator factor takes its
values in the interval [0, 1]. A smaller value of Gt indicates a better precoding solution.

By the following, we present two sub-optimal solutions, namely random precoding
and periodic precoding. The random precoding solution satisfies the uniform cross-
correlation distribution property, whereas the periodic precoding solution minimizes
total cross-correlation St(A).

3.4.1 Random precoding solution

For this solution, we select the precoding coefficients randomly from a finite alphabet
A = {¥™R/K .k = 0,... K — 1} consisting of K (for K > 2) complex numbers
uniformly distributed over the unit circle. For large N, the value of W7, defined in
(3.12) can be approximated as

Uy = N,E(|Crp(n, €)?) = N, T,

where the expectation is taken over all possible random selections of the precoding
vectors. It follows from (3.15) that

L-1
Jr(A)~ > NIT? = VL -1IN,T.
(=1

By substituting this value in (3.17), and providing that J7(1) = v/L — 1N,T?, we obtain
an approximated value for the indicator factor given by

_ VL-INT 1
T VIL-INT2 T’
indicating that the cost function for random precoding is T' times lower than the non-

precoded system. Next, we present a more structured precoding solution based on the
minimization of St leading to better performance and lower implementation complexity.

Gr(A) = Jr(A)/Jr(1)

3.4.2 Periodic precoding solution

To simplify the optimization problem and for equalization complexity reasons as it will
be seen later in Section 3.5, we restrict ourselves to periodic precoding patterns of pe-
riod P < L. Initially, let P = L. We construct the precoding matrix by selecting a
set of L precoding vectors {vy,---, vy} of dimension Tyax. These vectors are period-
ically assigned to transmitted symbols, i.e. we assign to the symbol x,, the precoding
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3.4. Precoding solution

vector v; where i = n mod L. We denote by V the Ty .« X L matrix whose columns
are the precoding vectors v;. For convenience, we assume the packet length Ny is an
integer multiple of L. The precoding matrix Ay is obtained by Ns/L repetition of the
generating matrix V. In this case St can be written in a simpler form as

L—-1Ng—1

Sr(AL) = Z Z a7’ nar el

/=1 n=0

L L
T
L - . T, s3]
i=1 j=1

J#i

(TSCr(Vy) — LEF?)

2 (3.18)

_Ns
L

where TSCr (V) denotes the total squared correlation (TSC) of the set V[, taking only
into the account the first T components of each vector and defined by

L L
TSCT(VL) = Z Z |V7[{Z‘VT,j’2> (3.19)

i=1 j=1

which is extensively studied in the literature in the context of code division multiple
access systems (see [64] and references therein). It is known that the TSC for a complex-
valued set is lower bounded by Welch’s bound [65] given by

LF? for T >1L
This yields to a lower bound for St given by
0 for T>1L
> - .
Sr(AL) 2 { NJI(L—-T) for T<L (3:21)

Combining (3.16), (3.17), and (3.21) leads to a lower bound for Gy under the periodic
constraint as follows

Gr(AL) = Jr(Ag) > Sr(A)/VL -1 - { 0 for T >1L

- 3.22
Jr(1) — Jr(1) =\ &hr for T<L (3.22)

We see that the indicator factor Gr is an increasing function with L, and for large

values of L compared to T, the indicator factor tends to the value 1/7T obtained with
the random precoding solution.

3.4.2.1 Precoding period

We discuss here the dependence of the precoding period P on the channel length L and
the consequence of choosing of a short period P.
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In the case of a long channel, we show that limiting the period P to any integer
divider of L will not change the value of the lower bound as long as P > Tpax. Let
L = mP + q for some positive integers m and ¢q. Let Ap be the precoding matrix of
period P and Vp be the corresponding generating matrix. We can evaluate St as

mP—1 Ng—1 L—1 Ng—1
Sr(Ap) = Z Z |a¥,naT,n+€|2+ Z Z |a¥,naT,n+€’2
/=1 n=0 {=mP n=0
T1 T2

It can be shown in a similar manner to (18) that the first term 77 can be expressed as

N

T = ——
! mP

(m*TSCr(Vp) — mPT?)

When P is an integer divider of L (i.e. ¢ = 0), the second term T5 is zero and the
achievable lower bound for S7(Ap) is the same as for Sp(Ap) if P > T, because in
this case, m*TSCr(Vp) and TSC7 (V) have the same lower bound m?P?F = L2F.
When ¢ > 0, we do not have an explicit lower bound on T3, but its relative impact on
the lower bound of Sr(Ap) is small when m is large. This explains that the system
performance become less sensitive to the precoding period for a long channel response.
In this case the precoding period can be taken equal to the maximum number of HARQ
transmissions Tiax. In conclusion, for a known channel length, the precoding period
can be chosen as the smallest value P = L/m > Tyhax without increasing Sp, and for
unknown channel length, we can take P = Ty, with some increase of St that vanishes
with increasing values of L. The price to pay for reducing the precoding period is a
non-uniform distribution of W7, (property 2) because W1 o takes the same value as for a
non precoded system for any value of £ which is multiple of P. In the worst case where
all channel delays are multiple of P, no precoding gain can be expected. However, the
probability of a such channel realization depends on the channel statistics and it is very
small in general. In the case of a short channel length such that L < P, the precoding
gain tends to zero when L tends to 1 which is natural because the channel becomes less
frequency-selective. Therefore, P must be chosen as small as possible in order to take
account for short channel realizations.

3.4.2.2 Proposed solution

Finding a set Vp which simultaneously meets Welch’s bound in (3.20) with equality
(WBE) for all T' depends on the system parameters P, Tyax, and the precoding alphabet.
For this purpose, we start by rewriting the TSC in (3.19) in a more convenient form.
Let uy,--- ,ug,,, denote the rows of the precoding matrix Vp. It follows from the
row-column equivalence property of the TSC [66] that

T T
TSCr(Ve) = > Y |uuf %, (3.23)

i=1 j=1
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3.4. Precoding solution

From this equivalence relationship, it was proved in [66] that the necessary and sufficient
condition for a set to be WBE that the lines or the columns of the set are orthogonal.
The advantage of using a WBE set is that the interference power is uniform across all
received symbols. We distinguish two cases:

Case P > Ty.x This is usually the case because Tiax < 4 in most practical systems.
The set Vp is a WBE set for all T' < Tiya if all vectors uy,--- ,ur,,. are orthogonal.
These vectors could be taken for example from discrete Fourier transform (DFT) matrix
of order P or more simply from Hadamard Matrix with bipolar alphabet of order P
(when it exists).

Case P < Thax In this case, it is not possible to have a WBE set for all T < Thax
because adding any m < P vectors to a WBE set results in a set which has no longer the
WBE property [64]. Therefore, some optimization strategy has to be considered. We
consider in priority the minimization of the cost function at the early retransmissions.
This enhances the throughput efficiency of the system. In fact, a WBE is still possible,
at least for any T < P, by choosing uy,--- ,up from orthogonal bases in C*. For
T > P, we complete this set by periodical repetition of the previous vectors up to
Tax- Note that for T > P, the lower bound on G is zero. The proposed solution
achieves this bound for any value of T" which is integer multiple of P because we have
a complete orthogonality between the column vectors. For these particular values of T,
the interference is completely canceled.

Fourier-based solution: For example, in the case of P > T, and as previously
mentioned, the generating matrix Vp can be obtained by selecting Tinax rows from the
Fourier transform matrix of order P,

1 Em i % (P=1)p1
1 eI ... eI B (P=1)p2
1 eI FPlmax ... eiBP=1)PTyax

where the p; € [0, P — 1] are the indexes of the selected rows. In this case, the phase-
precoding of the ¢-th transmission is equivalent to a simple frequency shift of p;/P. Of
course, an arbitrary selection of rows leads to a WBE set, but the best selection is that
which gives the most uniform distribution for W7 ,(Vp). A very useful property of this
structured solution is that the product between any two vectors depends only on the
shift between them

VE VT e = Z el2met/P (3.25)

where the shift £ is taken modulo P. As it w111 been seen later, this property allows
reducing the complexity of the receiver. Consequently, the total correlation can be
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computed as
2

=1, ,P—1 (3.26)

T

Z ej?ﬂ'pté/P

t=1

“IJTJ(VP) = N;

which simplifies the evaluation of the cost function. An exhaustive search is performed
to find an optimal selection of the DFT lines’ indices {p1, - -+ ,p7,.. } that minimizes the
cost function Jp simultaneously for T'= 2, - -+ | Tihax. For example, we find for Ti.x = 4
that a possible solution (which is not unique) is {0,1,2,3} for P = 4, {0,2,3,1} for
P =5, and {0,3,2,6} for P =8.

Hadamard-based solution: In the previous analysis, we did not impose any con-
straint on the precoding phases. It is sometimes preferable for practical reasons to
choose the precoding phases from a limited alphabet. We show in the following that
the precoding alphabet has small impact on the precoding gain. The simplest form of
phase-precoding is when the precoding alphabet is constrained to have bipolar values
(+1). For bipolar vectors, Welch’s bound is only tight for vectors whose number is
multiple of 4 and loose otherwise. In that case, we can use Hadamard matrix for the
construction of the precoding matrix in the same manner as Fourier Matrix. In the
frequency-domain this is equivalent to the superposition of two symmetrically shifted
versions of the signal. In general, a tight bound on the TSC for bipolar vectors is given
by Karystinos in [67] and can be used in order to find the corresponding lower bound on
the reduction factor Gp. For example, for P = L = 5 and Tiax = 4, a direct application
of Karystinos’s lower bound to our case ([67] Table II, case P =1 mod 2) leads to

TSCr(Vp) > P*F + (T — 1)T,

and the lower bound on G becomes

P-T T-1

Gr(Ar) = :l)T PP DT

where the second term gives the relative increase of G compared to its value for a
WBE set. Numerically, we obtain for a WBE set G > 0.3750, 0.1667, and 0.0625 for
T =2, 3, and 4, respectively. Whereas, for a bipolar set meeting Karystinos’s bound,
we obtain Gp > 0.4, 0.2, and 0.1 for T' =2, 3, and 4, respectively. We propose the
following precoding generator matrix whose lines are quasi-orthogonal,

+1 +1 1 41 41
+1 -1 41 -1 -1
Visli 41 -1 -1 41| (3.27)

+1 -1 -1 +1 +1

We can verify that the bipolar set V5 achieves Karystinos’s lower bound as shown in
Table 3.1 where we can see that the uniform distribution of W7, is only verified for
T = 4. In this case the effective value of G meets its lower bound.
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3.5. Receiver structure

TABLE 3.1: Performance parameters of the precoding matrix A constructed from the bipolar

set V5.
T Ur(A)/Ur,(1) Sr(A)/Sr(1) | Gr
V| |l=1|/=2|4=3|/ =4 v v
1 1.0 1.0 1.0 1.0 1.0 1.0
2 0.2 0.6 0.6 0.2 0.4 0.45
3 0.29 0.11 0.11 0.29 0.2 0.22
4 0.1 0.1 0.1 0.1 0.1 0.1

To show the effect of phase-precoding on the Euclidean distance spectrum, we have
simulated the normalized squared Euclidean distance distribution d2E /Tr =1+ Ap/Tp
for input error sequences with a fixed Hamming weight w. We assume that the non-
zero error elements are uniformly distributed over the packet. We consider multiple
HARQ transmissions over the Proakis-C ISI channel [22] of length L = 5 whose the
impulse response is h = (0.227, 0.460, 0.688, 0.460, 0.227) using binary phase shift
keying (BPSK) modulation and the precoding set Vs defined in (3.27) . Figure 3.2
shows simulation results over 10* packets with Ny = 600 and w = 10 for T' =1, 2, 3,
and 4. We remark spectrum thinning phenomena with relative variance reductions of
0.32, 0.23, and 0.10 for T' =2, 3, and 4, respectively.

In order to exploits the introduced transmission diversity, all received copies of the
same packet must be jointly processed by the receiver. To this end, we present in
Section 3.5 the receiver structure for an iterative detection and decoding approach.
The separate detection and decoding approach follows immediately as a particular case.

3.5 Receiver structure

At the receiver, we consider a joint turbo-equalizer as it is presented in 1.6.2.2 of Chapter
1. For low complexity requirements, we focus on MMSE-based equalization. We present
two different schemes for the joint detector that differ in the way of performing the
combining of the various received packets. The first performs joint-equalization, while
the second performs LLR combining after separate equalization.
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FI1GURE 3.2: Normalized squared Euclidean distance distribution at the output of the Proakis-
C ISI channel for input error sequences of length N, = 600 of Hamming weight w = 10 using
BPSK modulation and bipolar precoding alphabet for T'=1,2,3 and 4.

3.5.1 Joint MMSE equalization

For each received sequence, the receiver performs the inverse precoding operation to
obtain

L—-1
=3 @) hPa® i+ (D) 0
=0
L—1 ~
= hqf,)ﬁn—z' + @l
=0

By considering the phase-precoding as part of the IST channel, the equivalent ISI channel
becomes time-variant whose impulse response during the ¢-th transmission of the symbol
T, is given by

R 2 (a®) a0 (3.28)

n

We generalize the finite length MMSE equalizer with a priori proposed in [40] to the
case of precoded system. The joint SISO MMSE equalizer includes multiple forward
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3.5. Receiver structure

linear filters fT(f) and an interference canceller filter b,,. The linear estimate Z,, of the
transmitted symbol z,, after T transmissions is given by

T

By = fNH () _pHs 3.29
Z( n n n ’
t=1

where the superscript (-)¥ denotes the hermitian transpose, 2t = [szllz sztJ)rll]T

are the required observations samples around the estimated symbol. The forward filters
fT(Lt) are implemented using Ly = I1 + 13 + 1 taps, where the parameters {1 and I3 specify
the length of the non-causal and the causal part of the estimator filter, respectively.
Note that we allow the filter coefficients to vary with n because of the variant-time
equivalent channel model defined in (3.28), and not because we are looking for a time
varying solution.

The problem of the joint equalization can be turned back to the case of a single
transmission by considering the equivalent single-input multiple-output (SIMO) channel
model given in matrix form by

z, = Hpx,, + Wy,

where
Xp = [mn—lz—L-&-l xn-&-ll]—r’
zZy = [57(11—)12 57(212 57(:4251 57(17;)11]T7
Wi = [“753_)12 wv(zT—)lz ~7(@1Jiz1 ~7(Qll]T7

and H,, is the T'L ¢ X (Ly + L —1) equivalent channel matrix given by

S (T S (T
th—)lz,L—l e hgz—)lg,O 0
H, = (3.30)
S (T S (T
0 hq(z-s-)ll,L—l e hq(1+>ll,0
F(T) _ (D) 5 (TT - . . .
where h "/ = [h, h, ;1" . The joint MMSE equalizer uses this equivalent channel

matrix in order to detect the transmitted symbols.

3.5.2 Separate equalization with maximum-ratio-combining

Another alternative for packet combining with lower complexity is to use a separate
equalizer for each transmission followed by maximum-ratio-combiner before the chan-

nel decoder. For each transmission, a SISO MMSE equalizer, as described in Section

3.5.1, with single input is used to detect the precoded sequence y,(f). Then, the inverse

precoding operation is performed after the equalizer by :i’q(f ) = (agS ))*g}(f ). The various

(t)

estimated sequences I’ in all transmissions are then combined by a maximum-ratio-
combiner operating at the bit level after the soft demapper [46]. At each retransmission,
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Chapter 3. Phase-Precoding Transmit Diversity

the combiner simply accumulates the extrinsic LLRs L. (c¢") which are de-interleaved and
decoded. This type of combining has in general lower performance than joint equal-
ization, but the performance loss is not very important when the residual interferences
in the combined signals are uncorrelated. Thanks to the phase-precoding, the non-
correlation property is approximately verified. The main advantage of this solution is
to be independent of the precoding solution and its period. This resolves the problem of
the dependency between the system complexity and the precoding period encountered
by the joint equalizer.

It is important to note that the precoding gain results from packet combining and not
from the iterative structure of the equalizer. Actually, the phase-precoding decorrelates
the IST among the different received copies in order to add destructively after combining.
Consequently, the role of the proposed phase-precoding is to help the equalizer in its
task by removing a part of the ISI. This enhances the overall performance for a non-
iterative detection approach. Using a powerful detection scheme as a turbo-equalizer
could be sufficient alone without the help the phase-precoding in order to remove the
interference, but this may require many turbo-iterations. In this case the use of the
phase-precoding technique reduces the number of turbo-iterations which are required
by the turbo-equalizer to converge.

3.5.3 Complexity issues

We discuss now the required additional complexity due to the phase-precoding in com-
parison with the non-precoded system. In the case of the JE scheme, the complexity of
the MMSE equalizer itself per transmission is mainly dominated by the inversion of the
matrix (021+v*H,HY) which grows linearly with the number of HARQ transmissions.
Since the phase-precoding transforms the ISI channel into a time-variant channel, one
matrix inversion is required for each symbol in the frame. Therefore, the complexity
of the receiver is highly increased. This is true in general for a non-structured phase-
precoding solution like a random phase-precoding. By contrast, for a periodic precoding
solution with period P, the required number of matrix inversions is reduced to only P
inversions. As we have seen in section 3.4.2 that the period value can be chosen as
small as min(L, Tiyax), this significantly reduces the additional complexity. In addition,
by using the periodic precoding solution based on the DFT matrix, only one matrix
inversion is required because the equivalent channel is actually invariant with n. This
results from the particular structure of the precoding coefficients where

A0 = (@) a® p\Y = emi2mbr ™) (3.31)

n,i n n—i' % 7
In the case of the SE-MRC scheme, the additional complexity is reduced to complex
multiplications at the receiver for any phase-precoding solution. Moreover, with a bipo-
lar precoding, the precoding operation and its inverse reduce to simple sign inversion
operations.

Finally, in the case of a long channel response, the complexity of the time-domain
MMSE equalizer [68] becomes very high due to the large dimension of the channel
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matrix. It would be interesting to perform the equalization in the frequency-domain
with a cyclic-prefix insertion at the transmitter. In this case, the DFT-based precoding
turns into a simple cyclic shift in the frequency-domain as shown in the next sub-section.

3.5.4 Simple frequency-domain implementation

In the frequency-domain, the DFT based solution is equivalent to a simple circular fre-
quency shift. Therefore, the implementation of this solution in the frequency-domain
reduces to a simple frequency shift which practically has no significant additional com-
plexity. The receiver structure is shown in Fig. 3.3. For each received frame y/), the

20,0 _cpls 9 s CPSIE :
— 1 .
gl
2Ly _cp crs :
= o MAP |
: decode
[
2 el g L[S 113
= : SISO Equalizer

3

FIGURE 3.3: Receiver structure for the DFT-based PPD solution.

CP is first removed and then a DFT is applied in order to perform equalization in the
frequency domain. In the following, the DFT of a signal vector x is denoted by x.
Thanks to the cyclic prefix insertion, the time domain convolution becomes a simple
multiplication in the frequency domain. The received frame can be written as

2 [n] = b [n]x"n] + w[n]. (3.32)
The inverse frequency shift is performed on z*) to obtain y®. Since x(¥)[n] = x[n +ny]
where n; is the index which corresponds to the frequency shift vt = ny/Ns and n + ny
is computed modulo Ny, we can write X(f ) as

IN

®n — ny]

On — ng)x[n] + wO[n — ny (3-33)
(

X(t) [n] =

|
(=3

Y njx[n] + WO n).

I
=

The signals X(t) fort =1, ---,T are then processed by a joint turbo-equalizer using the

(®)

equivalent channels h' . The linear estimate X of x after 7' transmissions is given in

the frequency-domain by

(3.34)

[

T
% = Zﬁ(t)z(t) b

t=1
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As in [69, 70] and using the equivalent SIMO model, the derivation of the MMSE filters
are given by

= (t)
h")*
) _ (b _
YT 2 (3:35)
r ~(t
b=t (3.36)
t=1

where H2 = ZtT:1 |ﬁ(t)|2 is the squared compound channel.

With regard to the system complexity, we need only Ng additional complex mul-
tiplications at the transmitter and a simple vector shift operation at the receiver. In
addition, the complexity of the joint MMSE equalizer in the frequency-domain is almost
the same as for an MMSE equalizer with a single input. To show that, we note that
the numerator of each forward filter () is the matched filter to the channel which does
not change across turbo-iterations. Hence, it is performed once per transmission. The
denominator is common between all forward filters and the division can be performed
after summation of the matched filters output. Consequently, for each new reception,
the accumulated sum of the matched filters is updated and so the squared compound
channel. Other operations are the same as for an equalizer with a single input.

3.6 Numerical results

In order to illustrate the effectiveness of the proposed phase-precoding diversity for
HARQ transmissions, we present in the following some simulation results using differ-
ent system configurations. In the presented simulations, we use a rate-1/2 recursive
systematic convolutional code whose generator polynomial is (1,21/37) in octal nota-
tions. A maximum of Th.x = 4 HARQ transmissions is assumed. We evaluate the
system performance by Monte-Carlo simulations versus the average SNR defined as
Es/No = Eg/o?. Simulations were performed over a maximum of 10* packets.

In order to compare the performance of the precoded system to the performance
of the non-precoded system under the two proposed detection schemes without turbo-
iteration, we first consider a communication system using BPSK modulation over the
Proakis-C channel, which is a highly frequency-selective static channel. Since both of
the channel response and the modulation alphabet are real, we use the Hadamard-
based precoding solution of period P = L = 5. This prohibits the exploitation of the
imaginary dimension. The MMSE equalizer is implemented using linear filters of length
Ly =15 (l1 =9, l = 5). Figure 3.4 shows the corresponding FER performance.

For the first transmission, the FER performance of the precoded system are the same
as for the non-precoded system because phase-precoding does not offer any advantage
for a single transmission. For the following retransmissions, a noticeable gain can be
observed for both combining schemes. Moreover, the performance of the precoded
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F1GURE 3.4: FER performance of the precoded HARQ system over the Proakis-C frequency-
selective channel using BPSK modulation and joint MMSE equalization without turbo-iteration.

system for T = 4 are close to the system performance over AWGN channel. This
indicates that ISI is efficiently removed from the last retransmission resulting in a better
dropping rate in the HARQ protocol. We can see clearly that the performance loss of the
SE-MRC combining scheme in comparison with the JE scheme is small when compared
to the precoding gain.

Now, we consider the transmission system using QPSK modulation with Gray map-
ping over a random frequency-selective channel with uniform power-delay profile. The
channel changes independently from one packet to the next, but stays correlated be-
tween successive HARQ retransmissions of the same packet. The correlation coefficient
a between two subsequent HARQ transmissions is given according to Jakes’ model [35]
by o = Jo(27 f47), where Jy(+) is the zero-order Bessel function of the first kind, f; de-
notes the maximum Doppler frequency, and 7 is the time delay between two subsequent
HARQ transmissions. In our simulations, the channel is normalized to unit energy as
in [45, 62] in order to evaluate the effect of IST on system performance independently
of the fading distribution. However, a realistic simulations without normalization are
given at the end of this section.

Figure 3.5 compares between a DFT-precoding solution of period P = L and a
random precoding solution for f; = 0 (aw = 1). As predicted by our analysis, we can see
that the advantage of the DFT precoding with the increasing number of retransmissions.
We have found that the performance of the bipolar precoding (not shown on the figure)
are only 0.2 dB behind the performance of the DFT precoding reflecting the small
effect of the precoding alphabet. By comparing the slope of the FER curve between the
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FiGURE 3.5: FER performance of the precoded HARQ system over long-term quasi-static
frequency-selective channel (o = 1) using QPSK modulation. The receiver was implemented
using the joint equalization scheme without turbo-iteration.
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nels for various values of channel correlation coefficient o using the DFT-based precoding solu-
tion of period P = 4 and QPSK modulation.
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FicUre 3.7: Convergence behavior of the MMSE turbo-equalizer for the precoded HARQ
system over a long-term quasi-static frequency-selective channel using the DFT-based precoding
solution of period P = 4 and QPSK modulation.

precoded and the non-precoded scheme, we observe a diversity gain due to the precoding
technique.

Figure 3.6 shows the corresponding data throughput of the HARQ system for fy7 =0
and fy7 = 0.1 (« = 0.9). We have found by simulation that the throughput of the
precoded system stays practically unchanged for all values of a. We note that the
throughput performance for low to medium SNR values are the same as for AWGN
channel. For high SNR values the throughput is essentially dominated by the FER, of
the first transmission, hence there is no significant improvement in comparison with
non-precoded system.

In addition to the performance gain, the proposed phase-precoding technique im-
prove the convergence behavior when turbo-equalization scheme is used. Fig 3.7 shows
the FER at each turbo-iteration for the case of two HARQ transmissions (7' = 2).
We note that the convergence of the turbo-equalizer for the precoded system is faster
than for the non-precoded system thanks to the reduced interference power. The non-
precoded system needs more than four turbo-iterations to converge, while only two
turbo-iterations are required when using phase-precoding.

Finally, we consider a more realistic channel model based on the the 3GPP Spatial
Channel Model Extended (SCME). For each transmitted packet, a random channel
realization is generated and used for all HARQ transmissions of the packet. Note
that we do not normalize the channel in this case for a more realistic gain evaluation.
Other simulation parameters are taken from the 3GPP LTE (Long-Term-Evolution)
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FI1GURE 3.8: Phase-precoding performance over the SCME channel model using the DFT-based
precoding solution with period P = 4.

standard [8, 28, 19]. The transmission speed is F's = 7.68 MSPS, N; = 512 and the
maximum channel delay spread is Lyax = 128 symbols. Since the channel length is
unknown we choose the precoding period P = T ax. Due to the long channel memory,
the equalizer was implemented in the frequency-domain thanks to cyclic prefix insertion
at the transmitter. Fig 3.8, shows the obtained results where about 2 dB of gain is
obtained by phase-precoding at the fourth transmission.

3.7 Conclusions

We presented in this chapter an efficient phase-precoding technique to mitigate inter-
symbol interference from multiple HARQ transmissions over slowly time-varying fre-
quency-selective channels. The introduced phase-precoding technique can be viewed as
a transmission diversity technique to combat the channel selectivity in the frequency-
domain. A general framework was introduced assuming no CSI is available at the
transmitter to find a performance criterion on the precoding coefficients. We proposed
an efficient periodic precoding solution leading to a significant gain in FER performance
without any significant increase in receiver complexity. The effect of the precoding
period and the precoding alphabet and on the precoding gain were investigated. When
a turbo-equalization scheme is used at the receiver, the proposed technique allows a
faster convergence resulting in a reduced overall complexity. Finally, for a specific
channel model with known auto-correlation statistics, phase-precoding technique can
further be optimized to enhance system performance.
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The results presented in this chapter have led to the following publications:
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In the next chapter, we study another transmit-diversity scheme for HARQ retrans-
missions and we compare its performance with the performance of the PPD diversity
scheme.
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Chapter 4

Bit-Interleaving Transmit-Diversity

IT-INTERLEAVING transmit-diversity, is another diversity technique which exploits
B the available time-diversity in Chase combining HARQ protocols. In this chapter,
we first show by Euclidean distance analysis the good potential of this diversity scheme
which can be exploited by an appropriate choice of the receiver. Then we compare
the performance of this diversity scheme with the performance of the phase-precoding
diversity scheme which was presented in the previous chapter. Finally, we extend the
use of this scheme for MIMO frequency-selective channels.

4.1 Introduction

Inspired from the turbo-coding scheme [23], the bit-interleaving diversity (BID) scheme
as shown in Figure 4.1 was initially introduced in [71] for uncoded ARQ transmissions
over frequency-selective channels using a different interleaver at each ARQ retransmis-
sion in order to form a parallel concatenated system. At the receiver, multiple MAP
equalizers are used in iterative manner in order to detect the transmitted symbols. The
same scheme was proposed in [72] by replacing the MAP equalizer with an MMSE equal-
izer. This scheme was enhanced later in |73] by introducing a binary precoder before
the frequency-selective channel in order to transform the linear channel into a recursive
channel. More recently, similar iterative equalization strategy including channel coding
was proposed in [74] for turbo-equalization.

For coded systems, it was shown by Samra and Ding in [45], in the context of
CC-HARQ transmissions, using a BPSK modulation and MAP equalization, that joint
turbo-equalization of identically interleaved coded transmissions outperforms the bit-
interleaving diversity scheme with iterative equalization.

In the first part of this chapter, we show that this is not due to the limitation of
the bit-interleaving diversity scheme itself, but to the sub-optimality of the iterative
equalization approach (iteration between multiple equalizers before channel decoding).
To this end, we first show that the BID scheme outperforms the identical transmis-
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FI1GURE 4.1: Bit-interleaving transmit diversity scheme for CC-HARQ systems.

sion (IT) scheme under joint maximum-likelihood (ML) detection and decoding. The
advantages of the BID scheme is even more important for high order modulation. In
order to exploit the potential of the BID scheme, we propose a low complexity MMSE-
based turbo-equalization scheme for packet combining, including multiple and separate
equalizers followed by a maximum ratio combiner. The performance of the proposed
combining scheme are illustrated by EXIT charts analysis [43] and numerical simula-
tions.

In the second part, we compare the performance of the BID scheme with the phase
precoding diversity scheme. Finally, we extend the use of BID for MIMO frequency-
selective channels where the interleaver can be optimized for better performance.

4.2 Euclidean distance analysis

We start by showing the advantages of the BID scheme in comparison with the IT
scheme when using a maximum-likelihood receiver. To this end, we show the effect of
using different random interleavers for multiple HARQ transmissions on the statistics
of the squared output Euclidean distance.

Let x® be the interleaved and modulated transmitted sequence at the ¢-th HARQ
round. Let e® be the corresponding error sequence, i.e. e® = %) — x®_ We recall
from Equation (2.66) that the total OSED after 7 HARQ rounds is given by

T T L—-1
Ap =Y AU =3" 3" R;(h®)Ry(e") (4.1)
t=1

t=1/¢=—L+1

which can be expressed as

Ar =Tpr+ Arp (4.2)
where
T
I'r =Y Rj(h™)Ry(e") (4.3)
t=1
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4.2. Euclidean distance analysis

T L—1
Ap = 2R (Z > R}‘(h(t))Rg(e(t))> (4.4)
t=1 =1

Remember that 't gives the squared Euclidean distance for an equivalent frequency-
non-selective channel, while Ap reflects the effect of the frequency-selective nature of
the channel. The performance of the system over an equivalent flat-fading channel
(Ar = 0) is referred to as the Matched filter bound (MFB) which can be obtained by
perfect removing of intersymbol interference from the received signal.

In the following, we will compare the statistics of both I'r and Ap between the
BID scheme and the IT scheme over the extended error space &; (cf. Chapter 2) and
all possible channel realizations. We will consider the two channel models LTSC and
STSC as defined in Chapter 1.

For a time-varying channel, the channel autocorrelations R}f(h(t)) are also random
variables whose statistics are required for the calculation of the statistics of the Eu-
clidean distance.

4.2.1 Statistics of channel autocorrelation

For simplicity, we consider a multipath fading channel with uniform power-delay profile.
Since the channel tap coefficients are independent, the random variables sz(h(t)) are
independent for different ¢ and pairwise uncorrelated for different lags £. The statistics
of the channel autocorrelation coefficients can be calculated easily using the indepen-
dence between channel tap coefficients and the fact that Ro(h®) = ||A®)]|? is Gamma
distributed random variable with mean 1 and variance 1/L. This yields to the following
results

. 1 ife=0
NRh,zéM(Rﬁ(h(t))):{O 0ol 1 (4.5)
1 ifl=0
2 & 2rprm\y _ )T 1
= R (h = 4.6
URh,zz U( Z( )) {LL_2€ if0<€§L—1 ( )

In the following, the Euclidean distance statistics are given as function of ug, , and

2
URh,z :

4.2.2 Statistics of autocorrelations product

Since the Euclidean distance is the sum of products between the channel autocorrela-
tion coefficients and the error autocorrelation coefficients, we need to characterize the
statistics of the product Rj(h®)R,(e®).

In order to simplify our notations, we also define the following quantities

pR., = p(Re(e™)) (4.7)
0%, , 2 0 (Re(e!)) (4.8)
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Since RZ(h(t)) is independent of the error autocorrelation Ry(e()), the mean and the
variance of their product can be calculated as

if¢=0
R:(hW)Ry(e®)) = — JHReo ! ’ 4.9
p(BE OO Re(e®) = iy pune, = 4 0L T (4.9)
(4.10)
o*(Rj(W")R(e®)) = 0%, ok, + ik, Ok, , + Ok, M., (4-11)
_ {0-12‘21110“%25,0 + ('U’?%h,o + U%h,o)aéo if£=0, (4.12)
012%“0%{81 fo<é<L-1.

where we have used the fact that pgr,, =0 and pg, , = 0 for £ # 0.

Under the uniform interleaving assumption, the choice of the interleaver does not
change the statistics statistics for error autocorrelation for a single transmission. There-
fore, the mean statistics for both variables remain the same for both HARQ retrans-
mission schemes, i.e.

p(T'r) = T:u’Rh,o:U’Rc,o (4.13)
u(Ar) = 0 (4.14)

However, the variance statistics could change according to the HARQ retransmission
scheme and the channel model as it will presented by the following.

4.2.3 CC-HARQ with identical transmissions

For the IT scheme, the same sequence x is transmitted at each HARQ round. For T
transmissions, we have e = e = ... = e(T) and consequently the autocorrelations of
the error sequence Rg(e(t)) are the same for 1 <t < Tihax. In this case, the expressions
of I'r and A7 simplify to

'Y = Ro(e)Qrp (4.15)

L-1
AT = 2R <Z Re(e(t>)ﬂm> (4.16)
/=1

where Qp, = Zthl R;(h®) which was previously defined in (2.68). We see from
(4.15) and (4.16), that a simple retransmission of the same codeword offers only channel
diversity expressed by an accumulative channel gain Q07 and accumulative interference
Q7 which both depend on the channel statistics.
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4.2. Euclidean distance analysis

4.2.3.1 LTSC model

For this channel model, we have h®) = h for 1 < ¢ < Thax. The accumulated channel
autocorrelation at the T-th transmission is then Q7 , = TRj(h). From this, we deduce
the statistics of the two variables I'r and Ap by using the results of Proposition 2 in
Chapter 2 as given below

o} (T H5C) = TP0f, (i o + T2 (W, o + 0, 0)02 0 (4.17)
L—-1

(AT = T2y " oh, ok, (4.18)
=1

where k is a constant depending on the used modulation (cf. Proposition 3 in Chapter
2). This is simply 72 times the variance for a single transmission. This indicates
that both the equivalent channel gain and the interference power increase by the same
factor resulting in a simple SNR shift from the performance of the maximum-likelihood
receiver at the first transmission.

4.2.3.2 STSC model

For this channel model, the channel changes independently from one transmission to
the next. Consequently, u(Qr¢) = Tpr, , and o2(Qry) = TU%H which leads to the
following statistics for I'r and Ap: 7

—STSC
o*(Cp 1) = Tok, ik, + T(Ttik, , + R, 000 (4.19)
L-1
—STSC
o? (A 5T5C) = Tx? Z U%}L’ZJ%EJ (4.20)
(=1

In comparison with the LTSC model, we remark a variance reduction by a factor of
1/T for both variables which reflects the effect of channel diversity on the Euclidean
distance.

In the next subsection, we show how the BID scheme changes these statistics.

4.2.4 CC-HARQ with bit-interleaving diversity

Using independent interleavers Ry(e()) become i.i.d. random variables for different
values of t. Using this assumption, we can recompute the statistics of the Euclidean
distance for both channel models in a similar way to the case of identical retransmissions.
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4.2.4.1 LTSC model

For this channel model, the expressions of I'r and Ar which are given respectively in
(4.3) and (4.4) simplify to

T
TPP~HSC = Ry(h) Y~ Ro(e™) (4.21)
t=1

L—-1 T
ABIPTETSC — o (Z R;(h) (Z Rg(e(t)))) (4.22)
t=1

(=1

This leads to the following variances

o (PPIPHSO) = T2}, i, o + T (i, o + 0h, )00 (4.23)
L—1

o (APPHEC) = T2 N "o ok, (4.24)
/=1

In comparison with the IT scheme, we observe that the second term in (4.17) is reduced
by a factor of 1/T resulting in a variance reduction for I'p when 0370 # 0. This manifests
by a spectrum thinning of the distribution I'r about its average value. The case where
03,0 = 0 happens for some low order modulations such as BPSK modulation and QPSK

modulation with Gray mapping for which Rg(e®) is proportional to the Hamming
weight of the error sequence whatever was the interleaving. Actually, 020 reflects the
inherent modulation diversity of the used mapping scheme. The relative amount of
variance reduction for I'r depends on the ratio between the second term to the first
term in (4.17) i.e.

(hay + 7)o g
Rh,o2 gh,o Re,0 _ (1 + L) 5510 (4.25)
O-R}L,OILLRR670 FReo

which, increase with the channel length L and the modulation order as shown in Fig-
ure 4.2 for a packet length N, = 1200 bits and different orders of QAM modulation
with Gray mapping. As an example, for d = 10, L = 5, and 16-QAM modulation, this
ratio is about 6 x 0.133 = 0.8. This means that the second term forms 45% of the total
variance.

We conclude that for the LTSC model, the performance limits of the BID scheme are
better than the I'T for high order modulations due to the resulting modulation diversity.

With regards to the variance of A, we observe a reduction factor of 1/7 indicating a
reduced interference power in the combined signal. This is an expected result, because
the equivalent interleaving length for 7" transmissions (forming a single codeword obtain
from a concatenated T-repetition code) in the BID scheme is T' times larger than the
interleaving length for the I'T scheme. We conclude that the joint detection performance
of the BID scheme are better under joint maximum-likelihood sequence detection.
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FI1GURE 4.2: Ratio J%e o/“%%e , as function of the Hamming weight of error sequence d.

4.2.4.2 STSC model

For this channel model, we obtain

BID-STSC
o* (L P 200) = Tok, wh o + Tk, o + 0k, o) Te0 (4.26)
L-1
UZ(A?IDfsTSC) = Tx? Z Ulz?h,zgl%?e,z (4.27)
(=1

In comparison with the IT scheme for the STSC model, we see a reduction in the
variance of I'p observed in the second term of (4.19) (only if 0370 # 0) by a factor of

Hhno * Ohio _ 1+1/L _ 141
Tuy, , + ok, T+1/L 1+LT

(4.28)

which tends to 1/T for large value of L. again, this indicates the inherent modulation
diversity in the BID scheme. For Ap, the variance remains the same as for the IT
scheme.

In conclusion, the BID scheme has better performance limits than the I'T scheme
for high order modulations for both channel models. The interference power is only
reduced for the LTSC model due the decorrelation of ISI among the different received
signals.
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4.3 Turbo-equalizer structure

Motivated by finding a turbo-equalizer structure which exploits the potential of the
bit-interleaving diversity scheme, and to overcome the excessive complexity and the
performance limitation of the iterative combining scheme, we show in this section that
maximum ratio combining after separate equalization constitutes a suitable combining
scheme for the BID scheme.

Figure 4.3 shows the proposed turbo-equalizer structure. For T HARQ transmissions,
each transmission is equalized separately using the a posterior LLRs L (c) from the
channel decoder after interleaving as a priori. The extrinsic LLRs at the output of all
equalizers are added after deinterleaving before being fed to the channel decoder. Note
that we use an enhanced version of the turbo-equalizer proposed by [41] by using the full
soft, output channel decoder information which leads to improved soft IST cancellation.

(1)
z »  MMSE LE(cM)
—»’W‘—» equalizer 1
(2)
(A, o N— MMSE MAP A
—m» equalizer 2 Channell» d
Decoder|
(T)
2 —]———* MMSE
—»’W‘—» equalizer T|
L2 (c)

FIGURE 4.3: Turbo-equalizer structure with joint decoding for the BID scheme.

In the following, we will show by EXIT charts analysis why this combining scheme
with a turbo-equalizer has a better performance than iterative equalization for the BID
scheme and the joint equalization for the IT scheme.

4.3.1 EXIT charts analysis

Consider two HARQ transmissions generated by a rate-1/2 convolutional code C1(31,27)g
and transmitted using 16-QAM modulation with gray mapping over random long-term
static IST channel.

The principle of iterative equalization is illustrated on Figure 4.4 where the inter-
leaving operations are omitted for figure clarity. The first received signal is equalized by
an equalizer, denoted by EQ1. A second equalizer, denoted by EQ2, is used to equalize
the second received signal using the output of EQ1 and the decoder output as a-priori.
Then, EQ1 re-performs the equalization of the first signal using the output of EQ2
and the decoder output as a-priori. Several iterations are performed between the two
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equalizers until the convergence. The output of both equalizers are combined and fed
to the channel decoder. This operation can repeated for several iterations.

Z(l%‘_, : Lf(c(l))
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} l LE(©) MAP
e C 7
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FIGURE 4.4: Principle of iterative equalization for BID scheme.

The code combining between two differently interleaved observations of the same
codeword is equivalent to the decoding of a single codeword generated by a rate-1/4
code Cy formed by the concatenation of the channel code with a rate-1/2 repetition
code. On Figure 4.5, we have plotted the EXIT charts for two MMSE equalizers for
SNR=2 dB. The curve Iy = f(I) gives the transfer function of EQ2 and the curve
Iy = f~1(I,) gives the inverse transfer function of EQ1l. Also, we have plotted the
inverse transfer functions of the two codes C; and Cs.

Starting with no a priori information about the transmitted packet, the two equal-
izers converge to the cross-point between their transfer functions (Point "A’). At the
output of the combined code Cs, we obtain the mutual information value I; which cor-
responds to the point 'B’. Even if we iterate between the two equalizers and the decoder,
we will converge always into the same point 'B’.

For the joint equalization method, we have plotted the transfer function of the joint
equalizer which benefits from a retransmission energy gain leading to a higher transfer
function. The convergence point of the turbo-equalizer is the intersection point between
the transfer function of the joint equalizer and the channel decoder C; (Point 'C’). We
can see that Point ’C’ has slightly higher output mutual information than Point 'B’
which explains the superiority of joint equalization combining strategy in comparison
with iterative equalization.

Now, we investigate the convergence behavior of the maximum ratio method without
iteration between the different equalizers. As the two transmissions have the the same
SNR, the two equalizers give equal output mutual information. Therefore, the average
mutual information at the output of the two equalizers is the same as for the first
equalizer EQL. After many iterations between the pair (EQ1, EQ2) and the channel
decoder of C2 we obtain the convergence point 'D’ which has better reliability than 'C’.
These results confirm the performance improvement provided by the BID scheme.
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FiGUuRE 4.5: Convergence behavior of the joint-decoding combining method in a turbo-
equalization scheme compared to both of the iterative equalization and the joint equalization
combining methods.

4.3.2 Numerical results

In this section, we present some simulation results showing the performance of the BID
scheme using maximum ratio combining in comparison with identical transmissions with
joint equalization.

First, we consider a CC-HARQ) retransmission scheme with T},4. = 4 over long-term
static channel of 5 taps with uniform power-delay profile. A packet of 600 information
bits are encoded by a rate-1/2 convolutional code CC(31,27)g giving 1200 coded bits.
After a random interleaver, each block is mapped to M = 600 symbols using a QPSK
modulation. At the receiver, we use an MMSE equalizer using a 15-tap linear filter
(I1 = 9 causal taps and lo = 5 non-causal taps). We evaluate the FER versus Es/Np
for both BID and IT schemes over 10000 packets. Figure 4.6 shows simulation results
without iteration. For comparison purposes, the MFB using perfect a-priori are also
plotted on the same Figure.

Obviously, the FER performance are the same in the first transmission. We see
clearly the superiority of the BID scheme in comparison with IT scheme for a non-
iterative receiver. A gain of more than 2 dB at FER—=1073 is obtained at the second
transmission. The relative gain increases with the number of retransmission. Note that
the MFB for both schemes are identical.

Now, we consider the same previous setup using 16-QAM modulation with Gray
mapping. Figure 4.7 shows the corresponding simulation results. We observe an impor-
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FIGURE 4.6: Performance comparison between BID and IT schemes with a non-iterative re-
ceiver using QPSK modulation over LTSC model.
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FIGURE 4.7: Performance comparison between BID and IT schemes with a non-iterative re-
ceiver using 16-QAM modulation over LTSC model.
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F1GURE 4.8: Throughput performance for BID and IT schemes using 16-QAM modulation over
STSC model. The receiver implements an MMSE turbo-equalizer with 5 turbo-iterations.

tant gain of more than 5 dB at FER=10"2 in favor of the BID scheme. We observe that
the MFB of the BID scheme is about 2.5 dB better than the MFB for the I'T scheme
due to the modulation diversity.

For the STSC model we obtain similar results and Figure 4.8 shows the obtained
throughput performance. We see clearly the improvement in data throughput due to
BID, especially at low and medium SNR values. for high SNR values, the throughput
performance is dominated by the FER at the first transmission which is the same for
all discussed transmission schemes.

4.4 Comparison with phase precoding diversity

In this section, we compare the performance of the BID scheme with those of the PPD
scheme presented in the previous Chapter 3.

We know that phase precoding does not change the amplitude of the error symbol
and consequently, the PPD scheme has the same performance limits as the IT scheme.

Therefore, we focus here on the comparison of the statistics of the interference term Ap
in the OSED.
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4.4.1 Euclidean distance analysis

We evaluate the variance of Ar using the periodic phase precoding solution based on
the DFT matrix which is equivalent to frequency shift of the transmitted signal.

For the LTSC model, Ay is given by

AgPDfLTSC — 2R

L—1
> R;(h)Eﬂg] , (4.29)
=1

where we have defined Z7, as the total autocorrelation of the precoded error sequence
given by

T N,
Ere 2 Re(e®) =Y Cru(n)ene; (4.30)
t=1 n=0
Using the precoding coefficients an(f) = e*ﬂ’m”(t), we have
T T
y t
Cro(n) =Y alD(a)) )" = e (4.31)
t=1 t=1

which is independent of n, and therefore can be moved out from the sum in (4.30)
leading to

Ere = CreRy(e) (4.32)
Consequently, the variance of Zr reduces to
o*(Ery) = |Crel*o%,, (4.33)

As it was shown in Chapter 3, by choosing frequency shifts v from the set {k/L :
k =0, ---,L — 1}, the squared cross-correlation of the precoding coefficients is also
independent of £ and given by
L-T
|C7 ) = To— >0, T<L (4.34)
Finally, using (4.12) and the decorrelation between different product terms of Ap, the
variance of Ap can be computed as

I T L—-1
—LTSC — E
0’2(A§—‘PD LT ) = TﬁHQ O-%Eh,fo-%%e,é (4:35)
(=1

In comparison with BID, we observe smaller variance for Ar by a factor of LL_% In
the particular case when T = L, we have 0?(Ar) = 0 which means that the interference
is completely canceled by the PPD scheme. For large values of channel memory L, we
have |C7|? &~ T and both diversity schemes become equivalent with regards to the ISI

power.

We conclude that the BID scheme has a better performance limits than the PPD
scheme for high order modulations, but the PPD scheme is more efficient in combating
the interference for a short channel memory.
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4.4.2 Numerical results

Simulations are performed using SCME channel model. For each transmitted packet,
a random channel realization is generated and then used for all HARQ retransmissions
of the packet. We assume that the maximum of HARQ transmissions is Tinax = 4.
For the PPD scheme, frequency-shift parameters are v() = 0, v(2) = 1/2, 1) = 1/4,
and v = 3/4. All used interleavers are pseudo-random interleavers. Other simulation
parameters are inspired from the LTE standard 28] and listed in Tab. 4.1. Monte Carlo
simulations are performed over a maximum of 5000 packets.

TABLE 4.1: Simulation parameters.

Parameter Value
Frame length | N = 516 for QPSK, N = 258 for 16-QAM
Symbol rate 7.68 Msps
CP length P =64
Channel model SCME urban macro scenario
Shaping filter raised cosine with roll off 0.23
Doppler no Doppler

We first consider a non-coded transmission system in order to show the intrinsic
gain for both diversity schemes compared to the identical transmission scheme. This
corresponds to the system performance before channel decoding for coded systems.
Figure 4.9 shows the FER performance versus the average SNR after the last HARQ
round (7" = 4) for QPSK and 16-QAM modulations.

We can observe the superiority of the PPD scheme among all transmission schemes
due to its best capability in interference mitigation. For QPSK modulation, we have
SNR gain at FER=10"2 of about 2 dB for the BID scheme and 4 dB for the PPD
scheme in comparison with the IT scheme. Note that the PPD scheme is only at 0.4
dB of the MFB which is the same for all schemes in the case of QPSK modulation. For
16-QAM modulation, the MFB for the BID scheme gives the best performance, but the
better performance for the PPD scheme are due to the better performance of the joint
equalization compared to the LLR combining used for the BID scheme.

It is true that the used channel has a large channel memory which may attain more
than 100 symbol periods, but it has a decreasing power-delay profile with most of the
interference power originating from the less delayed paths. In this sense, the effective
channel memory is not very large. This explains the larger interference reduction in the
case of the PPD scheme.

Now, we consider a coded system with a non-iterative receiver including separate
equalization and channel decoding without turbo-iteration. The performance of the
non-iterative receiver is obtained by performing one equalization step followed by one
channel decoding step.
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FI1cURE 4.9: FER performance comparison between different transmission schemes for a non
coded system using QPSK and 16-QAM modulations.

The channel code is the LTE turbo-code of rate-1/3 using two identical constituent
convolutional codes (1,15/13)s with quadratic permutation polynomial internal inter-
leaver of length K = 344 taken from [28] (Table 5.1.3-3). For simplicity, no trellis
termination is performed for the component codes. The receiver performs one equaliza-
tion step followed by one channel decoding step. The channel decoder itself performs
a maximum of five internal iterations between the two internal convolutional decoders
in the turbo-decoder. Simulation results are given in Figure 4.10 for both QPSK and
16-QAM modulations.

We remark that using a powerful code, both diversity schemes have almost similar
performance. We can observe that the performance of the BID scheme are still far
from the corresponding MFB for 16-QAM modulation. For a higher coding rate, the
performance gains of the proposed diversity schemes lay somewhere between the full
rate case (rate 1/3) and the uncoded case. In order to close this gap, an iterative
processing can be performed between the detector and the channel decoder.

Due to the high complexity of the iterative processing using a turbo-code, we use the
LTE convolutional code of rate-1/3 whose generator polynomial is (133,171, 165)s. Here
again, no trellis termination is performed for the convolutional code. Figure 4.11 shows
the FER performance at the last HARQ round for separate detection and decoding,
while Figure 4.12 shows the corresponding FER performance for a turbo-equalizer which
performs a maximum of four turbo-iterations.

We note that for a linear receiver without turbo-iterations, the performance of both
diversity schemes are almost the same. Unlike for a non coded system, using a turbo-
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FI1GURE 4.10: FER performance comparison between different transmission schemes for a coded
system using a turbo-code for QPSK and 16-QAM modulations.
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F1GURE 4.11: FER performance for different transmission schemes for a coded system with a
rate-1/3 convolutional code using 16-QAM modulation and linear detection.
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FI1GURE 4.12: FER performance for different transmission schemes for a coded system with a
rate-1/3 convolutional code using 16-QAM modulation and turbo-equalization.

equalizer in a coded system, the BID scheme outperforms the PPD scheme because the
iterative receiver performs closely to the MFB which is better for the BID scheme.

In conclusion, the PPD is suitable for a linear receiver with separate equalization
and decoding, especially for high rate channel coding. The BID scheme gives better
performance with an iterative receiver at the expense of a higher system complexity.

4.5 Extension to MIMO frequency-selective channels

MIMO transmission is a powerful technique which improves the spectral efficiency by
exploiting the channel diversity between the transmit and receive antennas. However,
this requires more sophisticated signal processing techniques at the receiver side in order
to mitigate interchannel interference (ICI) and intersymbol interference (ISI) [75]. Joint
equalization for multiple HARQ transmissions over MIMO channels can be performed
by the generalization of the single-antenna case as presented in [70].

In the context of CC-HARQ transmissions, antennas permutation diversity is pro-
posed in |76, 77] in order to exploit available channel diversity between different antennas
in slow time-varying channels. Each symbol is transmitted on a different antenna at
each retransmission which can be viewed a special form of symbol-interleaving diversity
prior to space-time multiplexing. In this section, we generalize the BID scheme to the
case of MIMO multiplexing.
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4.5.1 System model

We consider the same transmission system with the difference that the modulated sym-
bols are spatially multiplexed and transmitted over Ny x N, MIMO frequency-selective
channel. The channel between the j-th transmit antenna and the i-th receive antenna
is a frequency-selective channel modeled by its equivalent response of length L, denoted

by h(t) = (hg ]) 0" hgtj) 1_1)- The received sequence vectors are modeled as

ZH(t) T(f)z_i_w(t) n:077N5—1

where Hgt) denotes the ¢-th path NV, x Ny channel matrix, w,(,? is an independent additive

white complex Gaussian noise wi) ~ N(ON, x1,021N,), and Ny = N;,/(QN;) assumed

integer.

4.5.2 FEuclidean distance analysis

For a MIMO channel, the total OSED after T' HARQ rounds can be found by a straight-
forward generalization of the single antenna case by first considering the case of N;
transmit antennas and one receive antenna, then accumulating the results over N, re-
ceive antennas and 7" HARQ) transmissions. This leads to

T Nr Ng N —

Ar=333% Z R (") h{))Ry(el),el"), (4.36)

t=1 i=1 j=1 k=1 f=—L+1

where Ry(.,.) is the deterministic periodic cross-correlation at lag ¢ between the two
parameter sequences, defined for two arbitrary complex sequences x and y of length N,

by Re(x,y) & 305" @yl -

The performance limits of the maximum-likelihood receiver are obtained by sup-
posing that the ICI and the ISI are completely canceled by the receiver. This can
be obtained by forcing all channel cross-correlation terms in (4.36) to be zeros, i.e.
Ry(h{") () = 0 for k # j or £ # 0. This yields to

Z?]’

rT—ij<Z|| ,J||2> ]2 (437)

t=1 j=1 \i=1

The term I'p corresponds to the squared Euclidean distance for packet transmission
over Ny block-fading channels with an equivalent squared channel gain for j-th channel
Z ||h(t)]|2 with mean denoted as p, = N, and variance denoted as o7 = N, /L.
The remaining terms in the expression of A in (4.36) reflect the Euclidean distance
fluctuation due to the presence of ICI and ISI. These terms are grouped in the variable
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A7 given by

T N Ny N —

Ar=333"% Z R;(h{"), b)) Ry}, ), (4.38)

t=1 i=1 j=1 lz#} [_Z_¢L()+1

We limit our analysis to the effect of BID on the statistics of I'p since we know that
BID would results in interference reduction for the LTSC model due to the introduced
decorrelation between error sequences in subsequent HARQ transmissions.

For a given total Hamming weight d, the random variables ||e§-t)||2 are identically
distributed and independent with respect to t. However, for the same ¢, they are
not independent for different j due the constraint over their total Hamming weight
d= Z;V; 1 dgt). Moreover, two different blocks ||e;||? and ||e;||* are conditionally inde-
pendent giving their respective Hamming weight d; and d;. Taking into account these
considerations, we obtain after a straightforward computation the following general
expressions for the mean and the variance of I'p

w(Tr) = T Nypuppie, (4.39)
02(FT) = TNy (ap? + bo? + cpe) , (4.40)
where we have defined pe = pu(|le;][?), 02 £ o(le;[[?)], and pe = E[(||ei]|*—pe)(||e;]]*~

pe)] for i # j. The coefficients a, b, and ¢ are tabulated in Table 4.2 according to the
channel model and the transmission scheme.

TABLE 4.2: Parameters of the variance of I'p.

Channel-Scheme a b c
IT-LTSC To? | T(ui +07) | T(N, — 1),
BID-LTSC To? | wi+or | (Ne— 12
IT-STSC of | Tui+o; | T(N;—1)u7
BID-STSC or | wi+ot (N — D)2

We can verify that putting N, = 1 and Ny = 1, we obtain the same expressions
previously obtained for the case of single antenna. The difference with the single antenna
case is the last term p. which expresses the antenna diversity in the system. Moreover,
the statistics of the error sequence are given at the sub-block level.

We observe that a is the same for both schemes because it is related to the channel
diversity. However, the coefficients ¢ and d are reduced by the BID scheme for both
channel models. Actually, p. is always negative because more errors in one block means
less errors in the others. Therefore, the reduction of the multiplicity c of this term has
a negative effect on the Euclidean distance. Therefore, we like to minimize this term by
a special choice of the interleaver at each retransmission in order to equally distribute
errors among different antennas as it will be seen in Section 4.5.3.
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Another difference with the single antenna case is that o2 can not be zero even
for low order modulations due to the variation of the Hamming weight d; inside one
error block. This indicates that some modulation diversity can be obtained for MIMO
channels with N; > 1. Indeed, the transmitted signal from multiple antennas is a
combined signal which has a higher order modulation than the used constellation per
antenna. Therefore, using the term "modulation diversity" for MIMO transmission is
relevant whatever was the used constellation.

Note that the variables g, 03 and p. depend on Ny in addition to other system
parameters Np, (), d and the mapping scheme as it has been seen for the single antenna
case. They can be computed using combinatorial analysis as shown in Appendix-F.
Numerical results for block error statistics with Ny = 2 are shown in Figure 4.13.
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FIGURE 4.13: Block error statistics for 2 x 2 MIMO for N, = 1024.

We observe that 16-QAM modulation has larger values of o2 and p, which indicated
that high order modulations take better benefits from the BID scheme. For high values
of d, the first term ap? is the dominant term in the expression of the variance. Since
the coefficient a is the same for both transmission schemes, they have similar variances.
For low values of d, the contribution of the second and the third term becomes larger
in the variance of I'r. Consequently, the benefit of the BID scheme is more important
for channel codes with low free distance.

4.5.3 Interleaver design
The choice of the used interleavers can have some effect on the resulting diversity.

Instead of using random interleavers, we propose to use more structured interleavers in
order to enhance the modulation diversity and the antenna diversity.
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For high order modulations, the constellation mapping can not offer the same degree
of protection for all bits against error. For example, in 16-QAM modulation with Gray
mapping, we can classify the modulated bits {b1, b2, b3, bs} into two classes according
their degree of protection: the first class By = {b1, b3} is more protected than the second
class By = {b2,bs4}. Exchanging the transmitted bit between the two classes would
offer the same degree of protection for all bits. Another diversity aspect concerns the
transmitting antennas. Since the channel between different antennas are independent,
we can enhance channel diversity by changing the transmission antennas for each bit
at each HARQ retransmission. Based on these remarks, we construct the different
interleavers using the following algorithm:

e Associate to each bit position n of the transmitted packet after interleaving a
couple of parameters (an,,l,) indicating the transmitting antenna a,, and its pro-
tection level [,,.

e Agsign to each bit ¢ of the original coded packet before interleaving the ensemble
of previously used antennas A; and previously used protection levels L. The
ensembles A and Ly are initially empty.

e For the current transmission t = 1,- -+, Thax:
- Put at the position n a randomly selected coded bit ¢ such that I, ¢ Ly and
Qp, §é .Ak;

- Add a, to A and [, to L for the next transmission.

The advantage of this algorithm in comparison with antenna permutation [77] is that
the group of transmitted bits over one antenna are not restricted to stay together in
the next transmission. This results in an increased interleaving depth which in turns
enhances turbo-equalization performance. We refer to the interleavers obtained by this
construction as combined interleavers.

4.5.4 Numerical results

In the following simulations, we use the rate-1/2 non-recursive convolutional code
CC(133,171)g for channel coding. The transmission takes place over 2 x 2 MIMO
frequency-selective channel of length L = 4. We assume that the maximum number of
HARQ transmissions is Tiax = 3. We evaluate the FER performance versus SNR per

receive antenna defined as 1% = % The packet length is Ny = 1024. A maximum
of five turbo-iterations were perforrffed at the MMSE turbo-equalizer which was imple-
mented in the frequency domain thanks to a cyclic prefix insertion of length P = L
at the transmitter. Combined interleavers obtained by the algorithm given in Section

4.5.3 have been used.

First, we consider packet transmission using QPSK modulation over the LTSC model.
Simulation results are shown in Figure 4.14. We see that for the IT scheme, the
obtained SNR, gain is proportional to the number of transmissions. The BID scheme
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FER

FIGURE 4.14: Performance comparison between BID and IT schemes using QPSK modulations
over long-term static 2 x 2 MIMO channel.

provides some performance enhancement of about 0.5 dB over the IT scheme. Actually,
with QPSK modulation we have less modulation diversity and the performance gap
between the two scheme is mainly due to the multiplexing diversity between transmitting
antennas. In addition, the convergence of the turbo-equalizer is faster for the BID
scheme due to the interference reduction by error decorrelation between subsequent
transmissions. Figure 4.14 shows the convergence behavior of the turbo-equalizer in
this case for T' = 2. The gain at earlier iterations is even larger which makes the BID
also suitable for a non iterative receiver. Now we consider a 16-QAM modulation with
Gray mapping. Simulations results for both channel models for 7' = 3 are shown in
Figure 4.15. We can see that the BID scheme provides a performance gain of about 4.5
dB at FER=1073 over the IT scheme at the third transmission. This the accumulative
effect of the modulation diversity and the multiplexing diversity provided by the BID
scheme. For the STSC case, we note a significant performance gain of about 2.5 dB at
FER—=1072 is obtained at the third transmission which traduces the inherent modulation
diversity of the BID scheme.

Finally, in order to show the advantage of the proposed combined interleavers in
comparison with random interleavers, we have simulated the MFB for both schemes by
providing the channel equalizers with the exact soft information about the transmitted
symbols. Simulations are performed for 16-QAM modulation over the long-term static
channel model and the obtained results are given in Figure 4.17. We can see a gain
of 0.4 dB is obtained in this case by using combined interleavers in comparison with
random interleavers.
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FIGURE 4.15: Convergence behavior of the turbo-equalizer for BID and IT schemes using
QPSK modulation over LTSC 2 x 2 MIMO channel.
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FI1GURE 4.16: Performance comparison between BID and IT schemes using 16-QAM modula-
tion for both LTSC and STSC 2 x 2 MIMO channel.
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FIGURE 4.17: Comparison between the MFB for random interleaving and combined inter-
leaving for 7' = 2 and 16-QAM mapping over long-term static 2 x 2 MIMO channel of length
L =4

4.6 Results and discussion

In conclusion, it is possible to improve the performance of CC-HARQ protocols in order
to decrease the gap with IR-HARQ protocols for frequency selective channels by using
one of the proposed transmit-diversity scheme depending on the packet length, the used
modulation, the receiver structure, and the communication channel model. Figures 4.18
show the performance comparison for the LTSC model between CC-HARQ with both
diversity schemes and the IR-HARQ for a non-iterative receiver. Other simulation
parameters are the same used in Chapter 1. Figures 4.19 show the corresponding MFB.

We see that the performance of CC-HARQ with phase-precoding diversity preforms
almost the same as IR-HARQ and even better for high SNR values. This indicates that
SNR gains in signal detection due to phase-precoding compensate for the precoding gain
in IR-HARQ. With an iterative receiver, both diversity schemes performs almost the
same for QPSK modulation, while for 16-QAM modulation, the bit-interleaving diver-
sity scheme gives better performance than phase-precoding. However, the performance
of IR-HARQ are still the best.

With regards to the STSC model, phase-precoding does not provide any significant
improvement over identical retransmissions because the error sequences are already
decorrelated by the effect of the varying channel. However, the gap with IR-HARQ is
not too large for a non-iterative receiver. For a iterative receiver, the bit-interleaving
allows some performance enhancement for 16-Q AM modulation.
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FIGURE 4.19: MFB comparison between various retransmission schemes over LTSC model.

TABLE 4.3: IR-HARQ SNR gain over CC-HARQ with transmit diversity at FER=10"2.

non-iterative receiver | iterative receiver
LTSC | QPSK 0.2 dB (PPD) 1.5 dB (PPD)
QAM -1 dB (PPD) 2 dB (BID)
STSC | QPSK 0.8 dB (PPD) 2 dB (PPD)
QAM 0.5 dB (BID) 2.2 dB (BID)

we summarize the SNR gap between IR-HARQ and CC-HARQ with transmit di-

versity in Table 4.3. We remark that for a non iterative receiver, the performance of

CC-HARQ with transmit-diversity is close to the IR-HARQ. For an iterative receiver,
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TIR-HARQ stays better that CC-HARQ. Note that these value are obtained for a rela-
tively high initial rate of r = 4/5. The advantages of IR-HARQ decreases even more
with a higher initial coding rate.

4.7 Conclusions

We have shown in this paper that the bit-interleaving diversity scheme in conjunction
with joint decoding outperforms the identically interleaved scheme with joint equaliza-
tion in retransmissions based HARQ protocols over frequency selective channels. We
have also shown that MRC combining strategy better exploits the interleaving diversity
scheme than the iterative equalization strategy with lower computational complexity.
Our theoretical analysis shows that the BID scheme has better performance limits than
the PPD scheme for high order modulation, but the PPD scheme is more efficient in
combating the ISI for channels with short memory. The PPD is suitable for a linear
receiver with separate equalization and decoding, while the BID scheme gives a better
performance with an iterative receiver. These diversity schemes can be used in order to
compensate for poor channel diversity in slow fading environment depending to the de-
sired performance complexity trade-off and the system parameters including the channel
coding rate, the modulation order.

The use of the BID scheme can be extended to the MIMO frequency-selective chan-
nels. An additional source of diversity which is the antenna diversity is exploited by
the BID scheme. We have proposed an algorithm to construct combined interleavers
in order to enhance further the bit interleaving diversity performance. Finally, One
can view the BID scheme as kind of trade-off among modulation diversity, antennas
permutation and phase precoding diversity schemes.

The results presented in this chapter have led to the following publications:
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vanced”, 2009.

2. A. Assimi, C. Poulliat, and I. Fijalkow, “Packet combining for turbo-diversity in HARQ
systems with integrated turbo-equalization,” in Int. Symp. Turbo Codes (ISTC), Lau-
sanne, Switzerland, September 2008, pp. 61-66.

3. A. Assimi, C. Poulliat, and I. Fijalkow, “Bit-interleaving diversity for HARQ transmission
over MIMO frequency-selective channels,” in IFEE International Workshop on Signal
Processing Advances in Wireless Communications (SPAWC), Perugia, Italy, June 2009,
pp- 310-314.

In the next chapter, we turn into a promising transmission scheme for high data
throughput in rapidly time-varying channels.
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Chapter 5

HARQ Protocols for Multi-Layer
Transmission

E consider in this chapter into another transmission scheme called multi-layer trans-
W mission which, in conjunction with HARQ protocols, provides a promising scheme
for high data throughput in rapidly time-varying channels. This chapter addresses the
problem of packet combining jointly with the optimization of a HARQ protocol for
multi-layer transmission in Chase combining HARQ).

5.1 Introduction

For data transmission over rapidly time-varying multipath fading channel, adaptive
coding an modulation can not performed due to the unpredicted channel gain for the
current transmission. In such situations where no channel state information (CSI) is
available at the transmitter, multi-layer transmission is an efficient way to improve data
throughput [78]. In multi-layer transmission, multiple coded packets, each of which is
referred to as a layer, are simultaneously transmitted over the channel using a lin-
ear superposition of modulated symbols. Different transmission rates and powers can
be allocated to different layers allowing different degrees of protection to the different
transmitted layers. The receiver employs successive interference cancellation (SIC) in
order to decode the superposed layers in the descending order of received power. With
varying channel conditions, the receiver decodes layers which match the instantaneous
channel gain. Therefore, partial decoding of the transmitted data in one block is pos-
sible. This is the difference with single-layer transmission where the whole transmitted
data in one block can be either entirely decoded or entirely loosed. This constitutes the
reason behind the layering gain.

The problem of the optimization of the transmitting rate and the transmitting power
per layer has been investigated by many works in the literature under different con-
texts [79, 80, 81, 82|. In general, for a given power allocation scheme, there is an
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FI1GURE 5.1: Transmitter scheme for multi-layer packet transmission.

optimal rate allocation solution. Inversely, for given transmission rates, there is an op-
timum power allocation solution. It has been shown in [83] that a small number of
layers is usually sufficient to achieve most of the layering gain. Moreover, equal rate
allocation is sub-optimal in general, and nearly optimal for moderate number of layers.
This why, we mainly focus in this work on the case of two-layer transmission.

For HARQ error control protocols, each packet has its own CRC signature allowing
layer-wise retransmission control. In incremental redundancy HARQ protocols, each
received block is separately detected and multiple retransmissions are decoded by using
code combining. Whereas, in Chase combining HAR() protocols, multiple blocks can
be combined at the signal level for better detection performance compared to post-
detection combining methods [46]. The performance of various multi-layered HARQ
protocols have been investigated in [78] for broadcast channels using an infinite number
of layers without power optimization. In [84], the performance of a multi-level coded
QAM modulation was investigated for a frequency-selective channel.

In this chapter, we propose an adaptive retransmission protocol using CSI during
the previous transmissions in order to minimize the average FER performance of the
system. We first present the multi-layer transmission scheme and packet combining
methods for HARQ retransmissions. Then, we establish the equivalent MIMO model
for multi-layer HARQ retransmissions and the associated receiver structure. Based
on this MIMO model, we optimize the linear superposition coefficients at each HARQ
round for two-layer transmission.

5.2 Multi-layer transmission scheme

We consider the transmission system hown in Fig. 5.1 using multi-layer single-carrier
signaling. The transmitted signal x is formed by a linear superposition of M modulated
packets s, for m = 1,--- , M. Each individual packet is referred to as a layer. In each
layer, the information data packet d,,, including CRC bits for error detection, is first
encoded by a forward error correction code (FEC) to obtain the coded sequence c,,
having N coded bits. Different coding rates may be used for different layers. However,
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FIGURE 5.2: Successive interference cancellation receiver.

we assume in this chapter that the same code is used for all layers. This simplifies the
system complexity by using the same encoder and decoder for all layer. The coded
sequence is then interleaved using a random interleaver II,,, and mapped to a sequence
sy of Ng complex symbols using a Gray-mapped QPSK modulation. The transmitted
signal x can be written as

M
X = Z O Sm, (5.1)
m=1

with v, = an, exp(jonm) where ay, is a scaling factor and ¢, is a phase-shift (¢, €
[0,27)). The scaling parameter a,, determine the allocated power to each layer under the
constraint of a unit average transmitted power, i.e. Z%zl a?, = 1. Whereas, the phase-
shift angles ¢,, determine the shape of the combined constellation and consequently the

characteristics of the output signal such as the peak-to-average power ratio [85].

We consider a single-input single-output transmission system through a flat fading
channel. At the instant ¢ (expressed in one block period), the received signal can be
modeled as

zt) — \ﬁh(t)x(t) + W(t)’ (5.2)

where h(®) is the complex channel gain, w(*) is the noise vector whose elements are
i.i.d. complex Gaussian random variables with zero mean and unit variance, denoted
by CN(0,1), and /7 is average transmitted power or equivalently the average received
SNR. We assume that the channel gain h remains constant during the period of one block
transmission and changes independently from one block to another. In addition, we
assume that the receiver has a perfect CSI whereas no CSI is assumed at the transmitter
which justified by the changing channel conditions from one transmission to the next.

At the receiver side, the received signal is decoded layer by layer in descending order
of power as shown in Figure 5.2. Without loss of generality, let a1 > as > --- > ap.
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Then, the receiver first decodes the first layer by considering all other layers as noise,

M
20 = AhOas? 4+ AR 3 als 4w, (5.3)

m=2

noise

In the case of correct decoding of s1, the contribution of s; is removed from the received
signal by the interference canceler (IC) leading to the signal z(®) which contains the
remaining M — 1 undecoded layers, i.e.

20 =20 — s’ (5.4)

The receiver continues with the decoding of the second layer from z®) in a similar
way to the first layer. This operation continues until the decoding of all layers. In
the case of decoding failure of one layer, the receiver abort the decoding process. At
the end of the decoding process, the receiver returns a positive acknowledgment ACK
for the successfully decoded layers, where as a negative a acknowledgment NACK for
the remaining undecoded layers. In the case of successful decoding of all layers, the
transmitter send new block with new M layers. Otherwise, some retransmission strategy
has to be considered. The question is what the best HARQ retransmission strategy that
maximizes the data throughput in the system.

5.3 HARQ protocols for multi-layer transmission

In order to ensure data reliability, we consider two retransmission strategies which have
been addressed in |78] for broadcast transmission with infinite number of layers without
power allocation focusing on slowly fading channels.

a) Full-layered HARQ retransmission (FL-HARQ) The transmitter responds
by resending M layers consisting of the undecoded packets and new packets instead
of the correctly received packets. In this HARQ strategy, each layer is treated as an
independent virtual channel with an independent HARQ process associated to that
layer. The maximum number of allowable retransmissions Ti,ax is defined per packet.

b) Partially-layered HARQ retransmission (PL-HARQ) The transmitter re-
sponds by resending only the erroneous packets with modified linear coefficients. The
number of retransmitted layers is equal to the number of erroneous packets. In this
strategy, no additional packets are transmitted until the complete decoding of all pack-

ets in the previous block. The maximum number of allowable retransmissions Ty is
defined per block of M packets.

For packet decoding using successive interference cancellation, MRC is usually used
before the decoding of each layer. Since the equivalent noise (other undetected layers
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and noise) in multiple layered HARQ transmissions are not independent, MRC is not an
optimal combining method. Our objective is to determine a better combining method
layered transmissions which takes into account the correlated nature of the equivalent
noise. To this end, we establish an equivalent MIMO model suitable for layered HARQ
transmissions as shown in the next section.

5.4 MIMO model for multi-layer retransmissions

One can see the multi-layer transmission of M layers as a multiple-input single-output
(MISO) transmission system with M transmitting antennas with correlated channels.
Each transmitting antenna corresponds to one layer. Thus

M
20 = /73 FOsY + w® (5.5)
m=1

where Bﬁﬁ) = a%)h(t) is the equivalent channel for the m-th layer by considering the linear

coefficients a%) as a part of the MISO channel. The received blocks is initially stored
in a buffer with the T,.x previously received signals after removing the contributions
of already decoded layers. Thus, the buffer size is Thax + 1 blocks. This choice for
the buffer size is related to the packet combining method which will be presented later
in this chapter in order to estimate a given packet from all previously received signal

containing that packet.

At the instant ¢, the buffered signals are referred to by the variables z(*~%) for
i =0, -, Timax. After each successful decoding of one layer, the buffered signal are
updated by canceling the contribution of that layer from all buffered signals as in (5.4).
The received block at the instant ¢ contains a maximum of M layers consisting of a
combination of retransmitted and/or new packets. Let T;, + be the number of transmis-
sions of the m-th layer at the instant ¢. Naturally, for new transmitted layers, we have
Tmt = 0 and for retransmitted layers s(t) = s,gffl) = ... = s%‘Tm*”. The interference
canceler performs the following task

72070 = 700 — AREIsO =0, T (5.6)

In this way, the buffered blocks contain undecoded layers only.

Our objective is to determine the relation between the buffered signals and the
undecoded layers. For better understanding, we start by a simple example with two
layers M = 2 and a maximum number of retransmission Ty,ax = 1. The general case is
presented later in this section.

Example 4. Initially, at the instant ¢ = 1, the received signal is

z(l) = ﬁgl)sgl) + Bgl)sél) + w(l)
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which is stored in the buffer as z(1). Assuming that the first layer was correctly decoded,
so z) is updated as follows

3 =3l s Z RO 4 ) 57)

The transmitter responds by sending a new packet on the first layer and the same packet
on the second layer. The corresponding received signal is

52 — 2 _ ;152)852) + h§2)s§2) +w®, (5.8)

with ng) = sgl). By combining (5.7) and (5.8), the two buffered signals can be viewed

as the output of a 2 x 2 MIMO channel expressed as
e
O

2 | | AP R ] s

D 0o WY || o (
For other cases, similar results are obtained with the corresponding equivalent MIMO
channel response as illustrated in Fig. 5.3.
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F1aURE 5.3: Equivalent MIMO channel model for two layers retransmission.
In the general case, we distinguish between three types of undecoded packets:

e New transmitted packets: for which 7}, ; = 0. Their number is denoted by M,,.

e Retransmitted packets: packets which have not yet reached the maximum number
of retransmissions 0 < T}, < Tiax. Their number is denoted by M.

e Dropped packets: packets which have expired the maximum number of retrans-
missions. Their number is denoted by Mj.
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5.4. MIMO model for multi-layer retransmissions

The ensemble of new and retransmitted packets are referred to as active layers as
opposite to dropped layers which are already declared in error to the upper network
layer. Therefore, the current transmission contains active layers only. We denote by
M, = M,, + M, the number of active layers at the current instant. Note that for both
FL-HARQ protocols, we have M, = M, while for PL-HARQ protocols, we have M,, =0
and M, < M. We also denote by M, = M,, + M, + M, the total number of undecoded
packets.

We regroup the undecoded packets in the same matrix S; of size M, x Ny as follows.
The first M, lines include the retransmitted packets. The next M, lines include the
new packets. The last My lines include the dropped packets. The equivalent MIMO
model between the undecoded packets and the buffered signals can be written as

zp = /YHis, + wy, (5.9)
forn=0,---,Ns; — 1, where
o 2, = 30 F Tma) T
e W, = [w&t), e ’wg_Tmax)}T’

e s, is the n-th column of S,

e H; is the (Tihax + 1) X M, equivalent channel response for the undecoded packets
defined by their elements as

[Hilij =i b, 0<i < Topax, 1< < M, (5.10)

where m; is the index of layer which was used to transmit the j-th packet in Sy,
and g;; = 1 if an the buffered signal z(=9 contains the j-th undecoded packet,
and ¢; ; = 0 otherwise.

retransmitted Ig

dropped (;l 12

FI1GURE 5.4: The equivalent MIMO matrix for multi-layer retransmission.

Figure 5.4 shows the form of the equivalent channel matrix. We illustrate the MIMO
model by taking the following example.
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TABLE 5.1: An example of a retransmission scenario under SFP and AFL HARQ strategies
with M = 3 and F.x = 2.

Time | Transmitted packets Decoding results
A=ACK, N=NACK
1 di, do, d3 ANN
2 d4, dao, d3 AAN
3 ds, dg, d3 NNN
4 ds, dg, dr 777

Example 5. Consider the retransmission scenario shown in Table 5.1 with M = 3 and
Finax = 2. At the fourth transmission, the undecoded packets are {ds,dg,dg} which
are transmitted on the layers {1, 2,3}, respectively. We have only one dropped packet
{ds} which was transmitted on the layer {3}. In this case we have M, = 3 and My =1
and the corresponding equivalent MIMO channel model is given by

(4)
~ ~ ~ S
01 e o7l
o G O U I (5.1
P 0 0 o0 A2 wy)
n 3 Sg) n

(1) o

where s @)

, 83 , and sy’ correspond to ds, dg, d7, and d3 respectively.

Now, having determined the equivalent MIMO channel model for multiple HARQ
layered transmissions, we can apply classical detection methods for MIMO transmission
in order to jointly decode the undecoded packets like in V-BLAST architecture with
successive decoding [86].

We present in the next section the classical MRC combining method and the MMSE
MIMO detection. These two methods are treated as special cases of the general class
of linear detection methods. In order to simplify our notations, the time index t is
omitted, and the index of the buffered signals are indexed in such a way that the most
recent received block has the time index (1) and the oldest signal in the buffer has the
time index (Thax)-

5.5 Packet combining

The receiver structure is shown in Fig. 5.5. From the buffered signals, the SIC receiver
starts with the combining and the decoding of the layer which has the best chance
to be decoded correctly. In the case of successful decoding, a replica of the interleaved
and modulated packet is generated in order to remove its contribution from the buffered
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FI1GURE 5.5: Receiver structure for packet combining of multi-layer HARQ transmissions using
successive interference cancellation and joint equalization.

signals. Then, the receiver determine again the best layer from the remaining undecoded
layers. The successive decoding continues in this manner until the decoding of all packets
or a decoding failure has been occurred.
With a linear combiner, the estimated symbols are given by
dmm =17, 0<n<Ny—1,1<m<M (5.12)
where £, = [fm.0," ", fmTuae) . are the linear weighting coefficients which can be de-

termined according to the detection criterion.
Alternatively, 5., , can be written as

M,

ém,n = \ﬁfghmsm,n + \ﬁ Z frghjsj,n + nterL (513)
J#Fm

= UmSmmn + NMm,n (514)

where h; is the i-th column of the equivalent MIMO channel matrix and p,, is the
equivalent channel gain for the m-th layer given by

Hm = \ﬁfnf@]hm (5.15)
and 7,5 is the equivalent noise with zero mean and variance given by
op = £ (1+yHH")f, — v(£i hy,)? (5.16)

Consequently, the SINR at the output of the linear combiner is calculated by treating
all other layers as noise leading to
_ Hm y(E hin)?
&m

_ Hm 5.17
o I+ yHHA)E, — (£ hy,)? E17)

It is natural to assume that the layer which has the best chance to be decoded first is
layer which maximizes £,,. We denote the index of the chosen layer by m* which is
defined as

m* = arg max(&,,) (5.18)
1<m<M,

115



Chapter 5. HARQ Protocols for Multi-Layer Transmission

The SIC receiver starts with the decoding of the packet m*. In the case of successful
decoding, the decoded packet is removed from the buffered signal. The new equivalent
channel matrix is reconstructed by removing the corresponding column from H and the
detection process continues with the next packet in the same way as for the first packet.

We present now the combining solution under MRC and MMSE detection criteria.

5.5.1 Maximum ratio combining

The i-th received signal in the buffer can be rewritten as

M, .
2 = D smn 7Y B s+ 0l (5.19)
J=1,j#m

signal

equivalent noise

The MRC coefficients are given according to Equation (1.3) in Chapter 1 by

7 (4)

~h
fmi = —*/; = (5.20)

Um,i

where aﬁm is the variance of the equivalent noise and given by

M11, N 3

o2i=7 Y IR+ (5.21)
j#m

Note that the MRC solution only consider the buffered signal which contain the layer
m to be decoded and does not take into account the correlation between the equivalent
channel coefficients ﬁgz). The SINR at the output of the combiner can be calculated by
substituting the combining solution in the SINR expression of Equation (5.17).

5.5.2 MMSE detector

Under the minimum mean square error (MMSE) detection, the linear weighting vector
for the detection of the m-th layer is given by

£7 — Ahf (T+HH) ™ (5.22)

Consequently, the SINR at the output of the combiner is given by

-1

9 M,
mmse _ /c% - B — 0 T4+ bl | by, (5.23)
n Pm j#m

where the last equality can be obtained by applying the matrix inversion lemma on the
expression of £
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5.6 Adaptive HARQ Protocol for two-layer transmission

In this section, we investigate the best choice for linear coefficients at the current trans-
mission in order to minimize the average packet error rate over all layers assuming
perfect channel coding and Gaussian source distribution.

For multiple transmissions, the instantaneous channel capacity C is given by
C = log, (det [T+ yHH"])

The instantaneous capacity C gives an upper bound on the total reliable transmitting
rate giving the channel state H. Since the transmitting rate using M layers is Mr,
where r is the transmitting rate per layer, the maximum number of layers which can be
supported by the channel is M = L%J For block fading channels, due to the limited
observations of channel states in one data block, the outage probability is commonly
used as a measure of performance limit. It is shown in [87], that maximizing the average
outage probability is equivalent to equally distribute the available channel capacity over
different layers. Let PO" be outage probability for the m-th layer. Then, the optimum
is achieved when all layers have equal error protection, i.e. PP (y) = P9 (y) = ... =

Pt ().

For simplicity, we restrict ourselves to the simplest case of two-layer transmission
with PL-HARQ protocol where only erroneous packets are retransmitted (M, = 0) in
order to avoid the effect of the dropped packets on the detection performance.

5.6.1 First transmission
Suppose that the receiver buffer is initially empty, the first transmission of two packets

is performed using the linear coefficients agl) and agl) with ]agl)] > ]agl)]. The SINR
for the first layer using successive decoding is

o O

= (5.24)
L49/hO2|ay)2
and for the second layer assuming correct decoding of the first layer
1 1
3 = 1h0Plag"? (5.25)

We can verify that this transmission scheme can achieve the channel capacity

toga(1+ () +logy(1 -+ €87) = Toga(1 +1/h(V )
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From (5.24) and (5.25), the outage probabilities for both layers are given by

P(3) = Pr (logy(1 +€(Y) < r)

o
= F o (5.26)
" <v0a9h2—aoa§U%>

Pg(y) = Pr (logy(1 + &) < r)

fO
= Fyp | —2— 5.27
" <vla§1)\2> 20

where & = C7(r) = 2" — 1, and Fx(z) £ Pr(X < ). As it is previously noted,
the maximum average outage is achieved when PP (y) = Pg"(y). This leads to the
following solution

1
(V2 = (& + )]tV 2,

which is independent of v and the fading distribution. Since ]agl)P + |a§1)|2 =1, we
get

(2 _ Sot1 We_ 1
|y | ~ W12 and |ag | L2 (5.28)

Since the source is assumed complex Gaussian, the phases of the linear coeflicients can
be arbitrary chosen. Therefore, we assume that agl) and 04(21) are positive reals. For
example, for a transmission rate per layer » = 1 bit/cu which can be realized by using

a rate-1/2 error correction code with QPSK modulation, we obtain |Oé§1)|2 = 2 and

3
\agl)\z = % The intersection point between f%l) and fél) takes place at the outage

threshold v|A(M|? = & (& + 2).

5.6.2 Second transmission

There are two possible cases for error in the first transmission which are discussed below.

5.6.2.1 Case of two errors

If the first transmission falls in outage (y|h(V|? < &(& + 2)), the transmitter resends
both layers with new linear coefficients a12) and 0452). The channel matrix for both

transmission is then
H:[%%ﬂ>a9mf

agl)h(l) agl)h(l)

We investigate the best choice for af) and aéZ) that maximize the average outage

knowing that the first transmission was in outage.
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The instantaneous channel capacity C for both transmission can be upper bounded
by using Hadamard’s inequality [88] as

C = log, det [I+~HH"] (5.29)

< logy (1 + 7| M|?) + logy (1 + 4| ?) (5.30)

with equality for a diagonal matrix, i.e. a(12)(a§1))* + a(QQ)(aél))* = 0 leading to the
following retransmission solution

o = ()", af = —~(al")" (5:31)

This solution maximizes C, but is it compliant with the minimization of the average
outage per layer? To answer this question, we derive in the following the solution which
minimize the average outage probability.

According to Equation (5.18), the MMSE-SIC receiver selects the layer having the

highest SINR. It can be shown by direct evaluation of (5.23) that the output SINR if
the MMSE detector starts with the first layer

2 _ vl + A% a0 [aR)]2

2) 2

¢ &7 =] (5.32)
' 1+ 7| |hy|? ?

Inversely, if the MMSE detector starts with the second layer, we obtain

e _ ~|[ha||? + 72 A2[RD 2 |h2)]2
’ 1+ [y 2

, € = [y (5.33)

where A% £ |agl)aé2) - aél)a§2)|2.

We observe from (5.32) and (5.33) that the first detected layer is the layer with the

maximum received SNR ||h,,||? (this is only true for the case of two-layer transmission).

Since the linear coefficients in the first transmission are reals, we remark also that

the SINR is maxim%z)ed wit}(L )respect to the linear coefficients phases in the second
2 2

transmission when ;™" and «a;, ’ are reals with opposite signs because this maximizes A2,

Note that when A% = 0 we have agl)agz) = agl)af). This means that the retransmission
uses the same linear coefficients as in the first transmission. In this case, maximum ratio
combining can be performed between the two received signals before successive decoding
starting by the first layer. This solution provides the same outage probability for both
layers independently of channel realizations. However, it does not exploit the total
capacity of the channel.

Suppose that the SIC receiver selects layer 1 to be first decoded (||h|[? > ||/ha|[?).
Then, having v and (!, the outage probabilities at the second transmission can be
computed from (5.32) as

PY"(v) = Pr(logy(1 + €)) < 7) = Fu2(61) (5.34)
P5"(v) = Pr(logy(1+ &) < r) — Fju2(62) (5.35)
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FIGURE 5.6: Optimum value for |ozé2)|2 as function of g;.

where

&0+ (¢ + D]al) 2 — 1)g?

B = (5.36)
Y(1 = (&0 + D)]ay? |2 + A2g2)
M2 2
(2))2
7‘042 ’

where g7 2 ~4|h(M|2. Using the optimum solution for the first transmission in (5.28),
the optimum solution for the second transmission can be found by solving 81 = (32 with
respect to |0z§2)|2 under the constraint ff) > 552) for gy 2 v|h(?|2 > B*, where * is the
intersection value. This leads to solve the following equation

(€0 +2)|a)? = 1+ A2g2. (5.38)

Obviously, the solution of (5.38) depends on the channel gain in the first transmission
g7 except if A2 = 0. By solving (5.38) we obtain the following solution

|a(2)|2 _ (97 +& +2)° (5.39)
? (60 +2)((97 — &0)* +4&0 +4))

In the other case when layer 2 is selected, we follow the same steps to obtain the
corresponding solution. By combining both cases, we obtain the results shown in Figure
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5.6. We remark that the second layer is allocated more power in the second transmission.
When g; is sufficiently high, the retransmission power is mainly allocated to the second
layer.

For practical modulation and coding, our analysis is still applicable by replacing the
value of & by the SNR value which corresponds to the target error probability, such as
P, = 1073 for example. This value can be empirically determined from the performance
of the error correcting code over AWGN channel. For example, the corresponding
retransmission coefficient for £y = 2 dB is also shown in Figure 5.6.

5.6.2.2 Case of one error

Since the two layers are equally protected in the first transmission, this case would not
occur under ideal conditions. However, if this happens in real situations, the erroneous
packet is retransmitted alone using the total power.

Now, before continuing the adaptive retransmission strategy for following transmis-
sions, we evaluate the performance of the proposed adaptation scheme for only two
allowable transmissions.

5.6.2.3 Numerical results

In order to verify the advantage of the proposed adaptive HARQ protocol, we have
simulated the FER performance in the system for 7' — max = 2 over Rayleigh fading
channel using a regular Low density parity check code (LDPC) with K = 506, N = 1024
given in [89] (with up to 50 internal iterations). By numerical simulations, we find that
the empirical values of & for this code with QPSK modulation is about & ~ 1.58 ~ 2
dB instead of 0 dB for a perfect code with same rate and Gaussian modulation. Using
this new value, we found from (5.28) that the optimum power allocation for the first
transmission is |a§1)|2 =0.72.

Figure 5.7 shows the FER performance for the adaptive HARQ protocol using MMSE
detection. We observe that at the first transmission, the FER performance of the two
layers are not exactly the same. This is related to the successive decoding method with
imperfect channel code. Actually, let P; denotes the FER for the first layer, and P
denotes the FER for the second layer assuming that the first layer is correct. Since the
second layer is not decoded until the successful decoding of the first layer, the actual
FER for the second layer would be P; 4+ (1 — P;)P,. Thus, even if P, = P, the FER
for the second layer would be 2P, — P? which explains the difference in FER for each
layer.

For the second transmission using the swept coefficients, the detection order can
alternate between the two layers depending on the channel realizations in the first and
in the second transmission. Consequently, the effect of imperfect coding is distributed
equally over both layers. This is why the two FER curves are almost identical.
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FIGURE 5.7: Performance of the optimized layered HARQ protocol for Tia.x = 2.

Figure 5.8 shows the average FER performance comparison between the adaptive re-
transmission scheme with identical retransmissions using the superposition coefficients
given by (5.28). Note that the case of a single error is treated in the same manner for
both scheme. We observe several points: First the better performance of MMSE detec-
tion in comparison with MRC for the adaptive scheme. Second, the adaptive HARQ
protocol for multi-layer retransmission provides about 1.5 dB of gain in comparison
with static HARQ protocol at the second transmission. Third, we have simulated the
average FER for the simple retransmission solution given by (5.28) which maximizes
the instantaneous channel capacity. Interestingly, the performance loss is only about
0.1 dB compared with the optimal solution which minimize the average outage proba-

bility. This is actually the rational behind the proposed sub-optimal solution for later
retransmissions in section 5.6.3.

5.6.3 Third and following retransmissions

For the third retransmission, similar analysis can be performed as in the case of two
transmissions. However, this task becomes more complicated. Instead, we propose a
sub-optimal solution as follows: For the current transmission 7' (7' > 2), let Tj be the
index of the previous transmission that has the largest channel gain. We adapt the
coefficients at the current transmission with the transmission Ty based on (5.31), i.e.

agT) _ aéTo)’ agT) _ _agTo) (5.40)
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FI1GURE 5.8: Performance of the optimized HARQ protocol using MRC and MMSE combining
methods for Ti.x = 2.

where

To = arg max(gy) (5.41)
1<i<T-1

Indeed, by adopting this solution, we only need the knowledge of the index of the best
previous transmission 7Tj instead of complete CSI.

5.6.4 Simplified adaptive HARQ protocol

In light of the previous analysis, we propose the following sub-optimal but simple adap-
tive HARQ protocols for layered transmissions:

e First transmission is determined from Equation (5.28).

M2 S +1 1),2 1
o =>—— and |« = —.
o] &0 +2 o] €0 +2
e Second transmission is determined from Equation (5.31).

o = (o), ol = —(alV)*

e Third and later transmissions are determined from Equation (5.40).

Ong) _ aéTo)’ Ong) _ —OngO)
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using the value of T0 returned by the receiver.

e For any retransmission request for a single layer, only the erroneous packet is
retransmitted in a single layer with the full power.

T T T T T T

First transmission
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Fi1GURE 5.9: FER performance of the adaptive layered HARQ protocol for Ty, = 1,2, and 3

Figure 5.9 shows the FER performance of the proposed HARQ protocol for a maximum
number of retransmissions per packet Tiax = 3 using the same simulation parameters
as in Figure 5.7. We observe that, in comparison with identical retransmission, the

adaptive HARQ protocol for multi-layer retransmission provides about 2 dB of gain at
the third transmissions.

5.7 Conclusions

We presented in this chapter an adaptive HARQ protocol for multi-layer transmission
over block-fading channels with feedback. With the same coding rates for all layers,
we have optimized the superposition coefficients at each HARQ transmission in order
to minimize the average frame error rate. We have shown in the case of a two layer
retransmission scheme, that maximizing the instantaneous channel capacity is almost
optimal for the minimization of average FER. The obtained solution consists of power
swapping and sign inversion which is very similar to Alamouti space-time diversity
scheme [5]. For long-term static channel, this solution allows the separation of the
two layers into two parallel channels. Multi-layer transmission with adaptive HARQ
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protocols provides the same protection for all transmitted bits. This can be viewed
as modulation diversity applied on a modified 16-QAM constellation. However, the
successive decoding simplifies the demapping and results in a lower decoding latency
since the decoding of lower layers is aborted if the upper layer is not decoded successfully.

The MMSE MIMO detection method has been generalized for multi-layer HARQ
transmissions over frequency-selective channels in our published paper in [90] conference
(see publications below). A potential perspective of this work is the generalization for
a frequency-selective channels including phase-precoding within each layer.

The results presented in this chapter have led to the following publications:

1. A. Assimi, C. Poulliat, and I. Fijalkow, “Packet combining for multi-layer hybrid-ARQ
over frequency-selective fading channels,” in Eur. Signal Process. Conf. (EUSIPCO),
Glasgow, Scotland, August 2009, pp. 671-675.

2. A. Assimi, C. Poulliat, and I. Fijalkow, “Reliable communications using multi-layer trans-
mission,” in FuropeComm, London, UK, August 2009.
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Conclusions and perspectives

We have considered in this thesis the problem of reliable data packet transmission us-
ing single-carrier signaling over frequency-selective fading channels. The main question
was how to optimize the HARQ retransmission protocols at the link layer of the com-
munication network with the signal processing at the physical layer including channel
equalization. We mainly focused on Chase Combining HARQ protocols due to their
implementation simplicity.

We have seen in the first chapter that IR-HARQ protocols outperform in general CC-
HARQ protocols, especially for high initial coding rate over slow time-varying flat fading
channels. For frequency-selective channels, the comparison between the two HARQ
protocols must also involves the performance of signal detection. Using maximum ratio
combining at the bit level after separate equalization of each received packet would lead
to the same relative performance between CC and IR. However, the performance of
CC can be improved by using joint equalization for packet combining which has better
performance than maximum ratio combining. Even though, the performance of CC are
still behind the performance of IR.

From these results, we wondered if it is possible to further improve the performance
of CC-HARQ protocols by introducing some modifications to the retransmission scheme
while keeping, in the same time, the relative simplicity of CC-HARQ protocols.

In order to answer this question, we have analyzed the performance of the trans-
mission scheme using an ideal maximum likelihood receiver in order to find out the
different factors that affect the system performance. From this analysis we have found
the following results:

On one hand, the error sequence plays a similar role to that of the channel response
on the Fuclidean distance distribution. This suggests that the retransmitted signal must
provide the required diversity if the communication does not. However, the amplitude
of the transmitted sequence is determined by the chosen constellation with a specific
PAPR at the input of the power amplifier at the transmitter. In order create retrans-
mission diversity while keeping unchanged the PAPR level of the original constellation,
we propose to introduce phase-precoding diversity among subsequent CC-HARQ re-
transmission. The latter diversity scheme can be viewed as a generalized form of the
already known cyclic-frequency diversity in the frequency-domain for OFDMA systems.
The introduced phase-precoding at the transmitter can be handled with a modified
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version of a joint equalizer without any significant additional complexity in comparison
with joint equalization for identical retransmissions. Phase-precoding allows to smartly
decorrelate error sequences which results in reduced output Euclidean distance fluctu-
ations around the average. This results in enhanced joint equalization performance.
However, the performance limits of the phase-precoding diversity remains the same as
for identical retransmissions without precoding. This means that using a sophisticated
receiver including iterative equalization and decoding, no performance improvement can
be expected.

For frequency-selective channels, we have seen that turbo-equalization is an effi-
cient technique which provides a near maximum-likelihood performance. However, this
requires an additional computational complexity at the receiver and therefore an in-
creased latency. However, phase-precoding helps the turbo-equalizer to converge faster.
only 2 or 3 turbo-iterations are required to achieve most of the turbo-equalization gain.
Hence, a lower receiver complexity for the same performance between the precoded and
the non-precoded systems when using an iterative receiver structure.

On the other hand, the Fuclidean distance variance is inversely proportional to the
interleaving length. For 7" HARQ) transmissions, beside the superior coding gain, IR
benefit from T times larger interleaving length in comparison with CC. Therefore, we
study in Chapter 3 the bit-interleaving diversity in order to recover this loss for the CC-
HARQ scheme. Fortunately, this diversity scheme introduce also decorrelation (with
a smaller degree than the optimized phase-precoding) between error sequences which
improve the equalization performance. Furthermore, bit-interleaving provides also some
modulation diversity for high order modulation. This leads to better performance lim-
its than the classical retransmission scheme. Also, for MIMO channels, bit-interleaving
benefits from spatial channel diversity. Both inherent diversities which result from the
bit-interleaving are subject to further improvement by a proper choice of the used inter-
leaver in order to provide the same degree of protection for all transmitted bits. From
our comparative study between bit-interleaving diversity and phase-precoding diversity,
we conclude that phase-precoding is suitable for not-iterative detection and decoding
while bit-interleaving is suitable for an iterative receiver and high order modulations.

The retransmission protocols with transmit-diversity have better throughput perfor-
mance for low to medium SNR range. For high SNR values, the data throughput is
mainly determined by the FER at the first transmission. When the transmitter knows
the average SNR value, the modulation and the coding scheme can be adapted ac-
cordingly. The adaptation is performed for a finite number of quantized SNR values.
In rapidly time-varying conditions, no adaptation can be performed due to the unpre-
dictable channel gain. For this, we have turned our attention in the last chapter to the
multi-layer transmission scheme.

Multi-layer transmission can improve the throughput performance by carrying many
packets on the transmitted signal. The receiver decodes the totality of these packets
or a part of them depending on the instantaneous channel gain. In order to optimize
the HARQ retransmission protocols, we first modeled multiple multi-layer transmissions
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with an equivalent MIMO channel model. Then, based on this model, we proposed an
adaptive retransmission protocol that minimizes the average FER per layer. This work
was performed over a flat fading channel.

Perspectives

Multiple HARQ transmissions is considered in this thesis as SIMO transmissions with
the difference that the number of transmitting antennas varies from one packet to an-
other. According to this modernization, the phase-precoding diversity technique decor-
relates the equivalent channels between various receive antennas. It would be inter-
esting to extends this technique to MIMO transmissions in order to combat both of
inter-symbol interference and inter-channel interference.

One can view IR as a form of code diversity as it is exactly the case when using
self-decodable code at each HARQ transmission. We observe that, we have better
performance when the diversity is introduced earlier in the transmission scheme since
this inherently generates the diversity of the later blocks in transmitter scheme. This
leads to think that it is possible to obtain further improvement if we introduce some kind
of diversity to the information data before channel coding such as applying a different
interleaver at each HARQ transmission before channel coding. This is another possible
perspective of this thesis.

Multi-transmission was studied in this thesis over flat fading channels. The extension
to frequency-selective channels and the possibility for the integration of the studied
diversity techniques are among of the perspectives of this thesis because the propagation
channels between various layers are inherently correlated.
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Appendix A: Proof of Lemma 1

The OSED is given by,

No—1 2

A=dh(e)=|hxe|*= )

n=0

L-1

Z hien—;

1=0

By developing the squared sum, we obtain,

Ns—1L—-1L-1

A=Y S hijen iy

n=0 i=0 j=0
By changing the order of summation and introducing the new variable n’ = n — i, the
previous equation becomes

L-1
A=),
7=0

L— Ng—1—1i

1
*
hihj E en/en tiej
0 =

=

Now, by performing the change of variable ¢ = j — i, and recalling that e_; = ens_;
due to the cyclic-prefix insertion, we obtain

L-1 —
Z E hh’H»Z E en/en/ ¢
{=—L+1 =0

with h; =0 for ¢ ¢ [0,---, L — 1]. This yields to

L-1

A= )" R_y(h)Ry(e)

{=—L+1

Finally, by using the hermitian symmetry of the autocorrelation function R_,(h) =
Rj;(h), we obtain the desired result.
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Appendix B: Proof of Proposition 1

Assuming uniform interleaving, the error symbols are considered as identically dis-
tributed but not independent due the constraint on the sum of their Hamming weights.
However, any two error symbols are conditionally independent knowing their respective
Hamming weights. The coded and interleaved packet contains N, bits which are mod-
ulated to N, symbols. The error packet contains d errors which are assumed uniformly
distributed over the packet. The probability that a symbol e, has a Hamming weight
dp(en) = k is given by

Pr(dp(en) = k) = (§) (52)/ () (42)

where @ is the number of bits per symbol. The average squared amplitude pe can be
calculated as

Q
pe(d) = Elllel[*|d] = Ny Y ma(k) Pr(dp(en) = k) (43)
k=1
Ny~ L = N,
=N() 2 (D) ma (k) (44)
k=1
where ma(k) = E[|e,|?|k] for k = 1,---,Q is the conditional mean of |e,|? giving its

Hamming weight k.

2

2 can be similarly calculated as follows:

The variance o

a2(d) = E[(|le||* — pe)?|d] = Ellle][*[d] — 2 (d) (45)
with
Ellle[|*|d] = Nyma(d) + Ns(Ns — 1)02(d) (46)
where
= 4 Ny~ : Q\ (Ny—Q
ma(d) = Ellen|*|d] = (db) Z (k)( d_k )m4(k) (47)
k=1

02(d) = Ellen, *|en, |*|d]

= (M7 ST (D)D) (22 yma(ka)ma (k) (48)

ke ko=1
ki+ko<d

for ny # no, where my(k) = El|e,|*|k]. The conditional moments ms and my can be
computed directly from the modulation and the mapping scheme.
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Appendix C: Proof of Proposition 2

The autocorrelation coefficient of the error sequence for lag ¢ is by definition, Ry(e) =
Ne—1  «
>l eier_,. Then, we have

No—1N,—1
E(Ry (@R} () =E | > > eicipejej e
=0 j=0
Ny—1 N,—1
- Z Z E(eie;_g€5ej1,)
=0 j=0

For given absolute values for error elements, their phases are independent for different
indexes. Since {1 # (2, we can verify that E(e;e; , eje;s,) = 0 for all possibilities of i
and j.

Appendix D: Proof of Proposition 3

This follows by direct evaluation of (2.29) using the result of Proposition 2.

Appendix E: Proof of Proposition 4

For BPSK modulation, we have Ny, = N, = N Since autocorrelation coefficients are
identically distributed, we determine the p.m.f of R;(e). For this, we define a new
variable S = Zfi_ll |zi| where z; = e;e;41/4. The introduced variable S gives the
number of non-zero terms in the autocorrelation definition. Note that the signs of
the non-zero variable z; are independent due to the conditional independence of error
elements ( assumption A2).

We evaluate the p.m.f of R;(e) as the marginal probability of R;(e) conditionally to
the variable S,
d—1
Pr(Ry) = Y Pr(Ry|S =s))Pr(S =s). (49)
s=0

For ¢ =1, S is the number of consecutive non-zero elements in the error sequence e.

We first determine Pr(S = s) which is the number of consecutive non-zero elements
in a circular error sequence of length N with Hamming weight d. There are (:;11)
distinct decompositions of a sequence of d elements into m subsequences, each of length
at least 1. The number of configurations in which these subsequences can occur in a
circular sequence of length N, with consecutive subsequences separated by at least one
position, is given by %(NT;?II) For given m, we have s = d —m. This leads to the
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following hyper-geometric p.m.f. of S
d—1\ (N—d
( s )(d—s)
"a)
d
For a given value of S = s, we have Ri(e) = 4(s — 2n) where n is the number of

negative elements z;. Since there is (781) different possibilities out of 2% to select n
negative elements from the s non-zero elements, we find the conditional probability
Pr(Ri(e)|S = s), after defining k = s — 2n, is

Pr(S = s) = (50)

Pr(Ry = 4k|S = s)) = @:2*S(g), (51)

with the convention (;) = 0 for non integer values of j. By substituting equations (50)
and (51) in (49) we obtain the p.m.f of R;(e),

Pr(Ry = 40) = e >0 2 () () (). (52)

This completes the proof of the proposition.

Appendix F: Statistics of error blocks for MIMO transmis-
sion

For an error block e; from the error sequence which corresponds to the transmitted block
on the j-th antenna, the statistics of its squared amplitude ||e;j||? can be calculated as
follows.

For the mean, we have

d

ne £ ulllel*) = Y Ellel?ld;) Pr(dy) (53)
dj=1

where E(||e;||?|d;) is given by Proposition 2 in Chapter 2 for a block length M = N, /N,
and a Hamming error weight d;. The probability Pr(d;) is the probability of having a
e Hamming weight d; in the j-th error block and is given by

Ny\ L My (Ny—M
Pr(dj) = () (d_,—)( db—dj )- (54)
Let pe(d;) = E(]|e;||?|d;), then the variance is calculated in a similar manner as

d

ot £ o%(llejlI*) = D Elle;l*ldy) Pr(d;) — pi? (55)
dj=1



Appendix F

The cross-correlation statistics is calculated based on the conditional independence
of error blocks as

pe = B((leill” — pe) (les|l* — pe)) (56)

d

> E(lleillPlle;l|?|ds, dy) Pr(ds, dy) — p? (57)
d;,d;=1
d;+d;<d

IN

d
= Y E(leilPldi) E(lle;|*|d;) Pr(di, dj) — 12 (58)

1
d

Al

d;,d;
d;+d;
d

= Y pe(di)pe(dy)|dy) Pr(d;, dj) — p (59)

dj,d;=1
d;+d;<d

where the joint probability of Hamming weights is

Pr(di, dj) = (%) () () (2. (60)

This completes the statistics of error blocks for MIMO transmission.
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Résumé

Nous considérons dans cette thése le probléeme de la transmission fiable de données par
paquets en utilisant une transmission mono-porteuse sur des canaux sélectifs en fréquence a
évanouissements. Notre objectif est de concevoir des couples émetteurs-récepteurs permettant
d’améliorer les performances de la détection en ’absence d’information sur le canal & la trans-
mission et ceci en exploitant la diversité temporelle disponible dans le cadre des protocoles de
retransmission hybrides (HARQ).

En analysant les performances du systéme de transmission avec un récepteur & maximum de
vraisemblance, nous établissons un critére pertinent pour ’étude des performances du systéme
basé sur les statistiques de la distance Euclidienne & la sortie du canal sélectif en fréquence. A
partir de ce cadre théorique, nous proposons un nouveau schéma de diversité entre les différentes
retransmissions, nommé précodage de phase, qui permet de combattre I'interférence entre sym-
boles pour les canaux lentement variables dans le temps. Puis, & ’aide de nos outils d’analyse,
nous revisitons un autre schéma de diversité qu’est la diversité d’entrelacement. En particulier,
nous soulignons le double avantage offert par ce schéma, & savoir la diversité de modulation
et la réduction de l'interférence entre symboles. Nous réalisons ensuite une étude comparative
entre les deux schémas de diversité précédents sous traitement itératif ou non itératif au re-
cepteur. Enfin, nous introduisons un nouveau protocole de retransmission adaptative pour les
transmissions dites multi-couches afin de réduire 'interférence entre couches pour les canaux
rapidement variant dans le temps utilisant des informations de retour limitées.

Abstract

In this thesis, we consider the problem of reliable data packets transmission using single-
carrier signaling over frequency-selective fading channels. Our objective is to design enhanced
transceivers with improved detection performance in the absence of channel state information at
the transmitter by exploiting the available time-diversity in Chase combining Hybrid Automatic
Repeat reQuest (HARQ) protocols.

By analyzing the performance of the transmission scheme using an optimal maximum-
likelihood receiver, we establish a suitable criterion for the study of system performance based
on the statistics of the Euclidean distance at the output of a frequency-selective channel. From
this theoretical framework, we propose a novel transmit-diversity scheme between subsequent
HARQ transmissions, called phase-precoding, which allows the mitigation of intersymbol inter-
ference for slow time-varying channels. Then, with the help of our analytical tools, we revisit
another transmit-diversity scheme which is the bit-interleaving diversity scheme. In particu-
lar, we emphasize the double advantage offered by this diversity scheme including the inherent
modulation diversity in addition to the intersymbol interference reduction. Subsequently, we
perform a comparative study between phase-precoding and bit-interleaving diversity schemes
under iterative and non-iterative receiver structures. Finally, we introduce a new adaptive re-
transmission protocol for a multi-layer transmission scheme for the mitigation of inter-layers
interference for rapidly time-varying channels using limited feedback information.
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